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Abstract

Over the years CMOS has prevailed as the dominant technology for analog and radio
frequency integrated circuit (RFIC) design, due to its high performance-to-cost ratio
and the fast pace of market introduction, compared to other technologies. With the
integration of digital and analog blocks on a single chip (SoC), the technology choice
is dictated by the digital domain since it highly benefits from the advantages of down-
scaling. Thus, CMOS technologies down to the deca-nanometer regime have been
proposed and implemented, with technologies of 45 nm and 30 nm currently being
state-of-the-art. However, a large amount of RFIC design is still performed using
technology nodes with channel length of 180 nm and 90 nm. The latter is widely
considered as sweet-spot for RF CMOS circuit design and hence has been widely
used for mm-wave circuit design, covering frequencies up to 100 GHz and even
above.

The demand for ultra low voltage/ultra low power circuits becomes more im-
perative with technology scaling and supply voltage reduction, requiring advanced
design techniques to exploit the scaling capabilities and alleviate its limitations. This
thesis provides guidelines for low-power (LP) RFIC design, focusing on low-noise
amplifier (LNA) design, by implementing, measuring, characterizing, and modeling
a 90 nm CMOS LP process, from DC to RF. De-embedding is applied to RF and
noise measurements in order to remove parasitics inserted from pads and intercon-
nect lines from the device-under-test (DUT).

The RF noise behavior of the examined technology node, has been covered by
modeling the measured noise parameters, namely NFmin, Rn, Γopt, over a wide range
of measured frequencies, bias points, and channel lengths. Power spectral densi-
ties of drain current noise, gate current noise, as well their correlation are presented.
Model parameters essential for circuit design, e.g., excess noise factor, γ, and ther-
mal noise parameter, δ are verified with measurements for the first time, for various
channel lengths over the channel inversion level. The influence of short-channel
effects on the noise characteristics is presented and RF noise scaling trends are intro-
duced. The optimum bias point for noise matching of the investigated 90 nm CMOS
process is obtained close to moderate inversion (M.I.) and is shown to be shifted to
inversion levels within the M.I. region, as channel length decreases.

Small signal characterization and modeling of active devices is performed and
conventional as well as more complex figures of Merit (FoMs), recently proposed,
such as transconductance frequency product, are examined. Measurements, for the
90 nm case, and technology computer-aided design (TCAD) simulations for tech-
nology nodes of nominal channel lengths ranging from 180 nm to 22 nm are used,
revealing the great potential of downscaling on the overall performance of RF cir-
cuits, despite their certain drawbacks. The upper bound of dynamic range, set by
the device non-linearities, and exported by DC as well as RF measurements is also



examined in terms of 1 dB compression point, P1dB, and third-order intercept points,
PIP3 and VIP3, and their scaling trends with respect to inversion level are indicated.

Results are validated with the charge-based EKV3 compact model which takes
into account short channel effects such as channel length modulation, velocity satu-
ration and carrier heating and its accuracy and scalability are demonstrated.

Eventually, circuit implications of the above-mentioned individual and combined
MOSFETs’ characteristics are presented. Optimum design of a low power cascode
LNA at 5 GHz is achieved using the extracted EKV3 model and following the guide-
lines resulting from the noise and small-signal analysis of the investigated process.
The circuit is biased in the M.I. region showing an overall exceptional performance
in terms of power consumption, noise, and gain. Moreover a single-stage 30 GHz
LNA is implemented and measured in 90 nm CMOS, achieving high performance,
compared to multi-stage architectures.
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Περίληψη

Τα τελευταία χρόνια, η τεχνολογία CMOS έχει επικρατήσvει, αποκτώντας κυρίαρχο
ρόλο σvτην σvχεδίασvη αναλογικών κυκλωμάτων και ολοκληρωμένων κυκλωμάτων

πολύ υψηλών σvυχνοτήτων (RFIC). Αυτό σvυμβαίνει κυρίως λόγω του υψηλού
λόγου απόδοσvης προς κόσvτος και της γρήγορης εισvαγωγής και ενσvωμάτωσvης

τους σvτο πεδίο της μικροηλεκτρονικής, σvυγκριτικά με άλλες τεχνολογίες. Με

την ενσvωμάτωσvη και σvυνύπαρξη σvτο ίδιο chip, αναλογικών και ψηφιακών κυ-
κλωμάτων, η επιλογή της τεχνολογίας σvχεδίασvης καθορίζεται από το ψηφιακό

κομμάτι, αφού αυτό εκμεταλλεύεται σvτο έπακρο τα πλεονεκτήματα της μείωσvης

του μήκους καναλιού. ΄Ετσvι λοιπόν, CMOS τεχνολογίες της τάξης των δεκάδων
νανομέτρων έχουν προταθεί και υλοποιηθεί, με τεχνολογίες των 45 nm και
30 nm, να θεωρούνται αιχμή της τεχνολογίας. Ωσvτόσvο, σvημαντικός αριθμός
σvχεδίασvης RF κυκλωμάτων πραγματοποιείται κάνοντας χρήσvη δομών με μήκος
καναλιού 180 nm και 90 nm. Η τεχνολογία των 90 nm θεωρείται κομβική για
την σvχεδίασvη RF κυκλωμάτων κι έτσvι χρησvιμοποιείται ευρέως, ακόμα και σvε
σvυχνότητες άνω των 100 GHz.
Η ανάγκη για κυκλώματα πολύ χαμηλής τροφοδοσvίας και κατανάλωσvης γίνε-

ται πιο επιτακτική με την σvμίκρυνσvη των CMOS τεχνολογιών και την αντίσvτοιχη
μείωσvη της τάσvης τροφοδοσvίας, απαιτώντας προηγμένες τεχνικές σvχεδίασvης για

την αξιοποίησvη των πλεονεκτημάτων που προκύπτουν από την μείωσvη του μή-

κους καναλιού και την ελάφρυνσvη των αντίσvτοιχων μειονεκτημάτων. Η παρούσvα

διατριβή, παρέχει κατευθυντήριες γραμμές για σvχεδίασvη RF κυκλωμάτων, πολύ
χαμηλής κατανάλωσvης, εσvτιάζοντας σvτην σvχεδίασvη ενισvχυτών χαμηλού θορύβου

(LNA). Για τον σvκοπό αυτό, έχει υλοποιηθεί, μετρηθεί, χαρακτηρισvτεί και μοντε-
λοποιηθεί τεχνολογία 90 nm της TSMC, από σvυνθήκες μηδενικής σvυχνότητας
(DC) μέχρι RF. Οι παρασvιτικές χωρητικότητες που εμφανίζονται σvτις μετρήσvεις
RF και θορύβου, λόγω της ύπαρξης των δομών για την ηλεκτρική επαφή (pads)
και των γραμμών μεταφοράς, έχουν αφαιρεθεί από τις δομές που μελετήθηκαν,

μέσvω σvυγκεκριμένων τεχνικών (de-embedding).
Η σvυμπεριφορά του RF θορύβου της εξεταζόμενης τεχνολογίας έχει καλυ-

φθεί μοντελοποιώντας τις μετρούμενες παραμέτρους θορύβου, σvυγκεκριμένα του

ελάχισvτου παράγοντα θορύβου (NFmin), της ισvοδύναμης αντίσvτασvης θορύβου

(Rn) και του παράγοντα ανάκλασvης σvτην είσvοδο (Γopt), σvε ένα μεγάλο εύρος

σvυχνοτήτων, σvημείων πόλωσvης και μήκους καναλιού. Η φασvματική πυκνότη-

τα ισvχύος του θορύβου του ρεύματος καναλιού, του ρεύματος πύλης και της

σvυσvχέτισvης τους αναλύεται εκτενώς. Παράμετροι θορύβου, με βαρύνουσvα σvη-

μασvία σvτην σvχεδίασvη RF κυκλωμάτων, όπως ο παράγοντας θορύβου γ, και η
παράμετρος θερμικού θορύβου, δ, μοντελοποιούνται και επαληθεύονται μέσvω

μετρήσvεων για πρώτη φορά, για διάφορα μήκη καναλιού, ως προς έναν χαρα-

κτηρισvτικό δείκτη αντισvτροφής σvτο κανάλι του MOS transistor, ονόματι δείκτης
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ανασvτροφής. Η επίδρασvη των φαινομένων κοντού καναλιού σvτα χαρακτηρισvτικά

του θορύβου μελετάται και η σvυμπεριφορά των χαρακτηρισvτικών αυτών με την

μείωσvη του μήκους καναλιού εισvάγεται και παρουσvιάζεται. Το βέλτισvτο σvημείο

πόλωσvης για την ελαχισvτοποίησvη του θορύβου, της εξεταζόμενης 90 nm CMOS
τεχνολογίας, επιτυγχάνεται κοντά σvε μέτρια επίπεδα ανασvτροφής και φαίνεται

να μετατοπίζεται προς το μέσvο της περιοχής μέτριας ανασvτροφής, με την μείωσvη

του μήκους καναλιού.

Η RF απόδοσvή των ενεργών δομών της τεχνολογίας μελετάται μέσvω του χα-
ρακτηρισvμού και της μοντελοποίησvης μικρού σvήματος. Κλασvσvικοί, αλλά και πιο

προηγμένοι δείκτες απόδοσvης, που έχουν προταθεί πρόσvφατα, χρησvιμοποιούνται

για να περιγράψουν τις δυνατότητες των δομών να ενισvχύουν ασvθενή σvήματα έως

πολύ υψηλές σvυχνότητες. Για τον σvκοπό αυτό, έχουν χρησvιμοποιηθεί μετρήσvεις

για την 90 nm τεχνολογία, καθώς επίσvης και δεδομένα μέσvω προσvομοίωσvης σvε
υπολογισvτή (TCAD), για τεχνολογίες με ονομασvτικά μήκη καναλιού από 180
έως 22 nm. Απ΄ τα εν λόγω δεδομένα προκύπτουν τα σvημαντικά πλεονεκτή-
ματα της σvμίκρυνσvης του μήκους καναλιού, μέσvω της εισvαγωγής προηγμένων

τεχνολογιών, σvτη σvυνολική RF απόδοσvη των ολοκληρωμένων κυκλωμάτων. Το
άνω όριο του δυναμικού εύρους των κυκλωμάτων, το οποίο καθορίζεται από τις

μη-γραμμικότητες, και το οποίο εξάγεται από DC και RF μετρήσvεις, αναλύεται
επίσvης μέσvω αντίσvτοιχων δεικτών απόδοσvης. Τέτοιους δείκτες αποτελούν το

σvημείο σvυμπίεσvης κατά 1 dB, και το σvημείο τομής των προϊόντων τρίτης τάξης
με τη σvυνισvτώσvα του σvήματος σvτην κύρια σvυχνότητα. ΄Ολοι οι δείκτες εξετά-

ζονται ως προς το μήκος καναλιού και τον δείκτη αντισvτροφής, παρουσvιάζοντας

αντίσvτοιχη σvυμπεριφορά με τους δείκτες θορύβου.

Τα αποτελέσvματα επικυρώνονται με το σvυμπαγές μοντέλο EKV3, το οποίο
βασvίζεται σvτην θεωρία φορτίων και το οποίο λαμβάνει υπόψη τα φαινόμενα κον-

τού μήκους καναλιού, όπως η διαμόρφωσvη μήκους καναλιού, ο κορεσvμός της

ταχύτητας και η αύξησvη της θερμότητας των φορέων. Η ακρίβεια και επεκτα-

σvιμότητά του, επιδεικνύονται σvε όλο το εύρος των διαθέσvιμων μετρήσvεων, ως

προς το μήκος καναλιού, την σvυχνότητα και το σvημείο πόλωσvης.

Εντέλει, παρουσvιάζονται εφαρμογές όλων των παραπάνω δεικτών απόδοσvης

σvε ολοκληρωμένα κυκλώματα ενισvχυτών χαμηλού θορύβου. Η βέλτισvτη απόδοσvη

ενός cascode LNA σvτα 5 GHz επιτυγχάνεται κάνοντας χρήσvη του εξαχθέντος
EKV3 μοντέλου, χρησvιμοποιώντας τις κατευθυντήριες γραμμές που προτείνονται
σvτα πλαίσvια της διατριβής. Ο ενισvχυτής πολώνεται σvτην περιοχή της μέτριας

ανασvτροφής, επιτυγχάνοντας πολύ υψηλή απόδοσvη, λαμβάνοντας υπόψη όλους

τους επιμέρους δείκτες απόδοσvης, όπως κέρδος, θόρυβος, κατανάλωσvη, κτλ.

Επιπλέον, ένας ενισvχυτής χαμηλού θορύβου, μονού σvταδίου, σvτα 90 nm, για
λειτουργία σvτα 30 GHz, έχει υλοποιηθεί και μετρηθεί, επιτυγχάνοντας υψηλή
απόδοσvη σvε σvύγκρισvη με αρχιτεκτονικές πολλαπλών σvταδίων.
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Chapter 1

Introduction

The design of analog and RF integrated circuits is a complex procedure in which
many steps have to be carefully taken into account for a successful and efficient
implementation. At first, the individual radio frequency integrated circuits (RFIC)
are components of entire transceivers. Hence, they have to comply with certain
specifications. These result from the system level analysis of the transceiver and
are determined by the application the transceiver has to serve. After extracting the
specifications, the appropriate circuit topology has to be chosen to achieve the de-
sired functionality. The most important step is to afterwards properly bias and size
the investigated circuit. These design quantities are directly interdependent, impos-
ing trade-offs in analog/RF design, according to the RF design hexagon, shown in
Figure 1.1. This actually means that the individual figures of merit, such as gain,
noise, linearity, power consumption are interdependent. Hence, methodologies for
achieving the optimum performance have to be derived, rather than relying on the
commonly used trial and error method. The latter has serious limitations regard-
ing the time that is required for the circuit to converge to the expected functionality.
Hand calculations can also be made prior to circuit simulations. For both hand cal-
culations and simulations, a compact model describing the transistor operation is of
utmost importance. The model should be characterized by simplicity, accuracy, and
scalability over a large range of geometries, bias points and frequencies. In practice,
a compact model acts as a bridge between the device and circuit.

With the aggressive technology scaling, the need for circuits operating under low
voltage/low power becomes more and more imperative. In some of recent designs the
operating point of MOSTs is moving from strong inversion (S.I.) to lower inversion
levels, within moderate inversion (M.I.) or even the subthreshold region, also known
as weak inversion (W.I.) - though, this is mostly the case for analog rather than RF.
In weak inversion, specific problems occur in terms of leakage current which dra-
matically increases as channel length decreases. This may have catastrophic conse-
quences for circuit design, since the gate current becomes comparable to the channel
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Figure 1.1: RF design hexagon.

current. This is why older technology nodes are often still preferable for analog de-
sign. Even in the case of integrated system on a chip (SoC), where the analog and
digital parts should co-exist, the dictation of using modern CMOS technologies im-
posed by the digital domain, has resulted in employing design techniques with which
the emerging disadvantages can be suppressed [2] . On the other hand, for RFIC de-
sign, operation under such small current level should generally be avoided since this
dramatically decreases the device and thus the circuit RF and noise performance,
through the decrease in the device transit frequency. Recently, RFICs with excep-
tional performance operating within the M.I. region have been reported [3]. Moving
towards M.I. offers several advantages some of which are presented below [4]:

• Increase of the transconductance efficiency which in turn results in minimiza-
tion of power consumption.

• Lower electrical fields within the device due to the decrease in bias voltages.
This way velocity saturation (VS) and the corresponding hot electron effects
phenomena can be avoided. Thus, the scaling trend of transit frequency (fT)
becomes such that fT increases with the inverse of the square of channel length
(fT~1/L2) rather than the inverse of channel length, which is the case when VS
is present [5]. This has a direct implication in circuit design since MOSTs can
be used as amplifiers in much higher frequencies.

• The combination of current efficiency with transit frequency and intrinsic gain
of the device, results in figures of merit describing the overall performance of
the MOST device. We prove that the peak values of these FoMs are moving
towards inversion levels close to the center of M.I. with technology scaling.

• Reduced electron heating results in lower excess noise factor, meaning that
the overall device noise levels, usually expressed via minimum noise figure,
NFmin, will be decreased.

• With technology scaling optimum performance regarding non-linearity met-
rics is shown to appear in the vicinity of the transition region from M.I. to
S.I.

2



Therefore, M.I. represents the ideal trade-off between power consumption, noise
and linearity, especially as technology scaling is driven towards the deca-nanometer
regime.

The objective of this thesis is to prove that moving towards ultra-deep-submicron
(UDSM) technologies, while their bias point is shifted to lower inversion levels,
ultra-low power RFICs achieving high overall performance can be realized. There-
fore, we start from a top-down approach with the system level analysis of a receiver
block for the WiMAX wireless protocol. Following the requirements set by the pro-
tocol, the individual specifications of the component blocks are derived. Then, we
focus on the first stage of the receiver front end, namely the low-noise amplifier. We
then focus on the design of a cascode topology, based on a methodology which is
using the inversion coefficient, IC, as the critical design parameter. IC stands as a
convenient and direct way to compute the channel inversion level, independently of
device type, geometry, and technology node. This methodology simplifies things
from the circuit designer’s perspective. The LNA circuit is the first in the receiver
chain and thus should provide a low noise figure along with a high power gain and
a low power consumption, so that the attenuated incoming signal can be efficiently
received and amplified. Therefore it is imperative to investigate each of these in-
dividual FoMs as well as combinations among them in order to study their trend
with channel length and bias. A single-stage LNA operating at 30 GHz has also
been implemented as a part of an RF chip containing several structures, using 90 nm
CMOS process from TSMC. The chip also includes DC, CV, and RF structures, from
which we will mainly focus on the latter. Dummy structures of a known response
have also been fabricated on-wafer to allow for the de-embedding of RF and noise
measurements from parasitics.

We then measure the investigated structures for a wide range of frequencies,
bias points and channel lengths and obtain their RF and noise characteristics. Noise
parameters are extensively studied with and without accounting for short-channel
effects, so that their impact on the noise behavior becomes clear. We show that
optimum noise performance is achieved close to the M.I. region for the minimum
channel length available MOSTs. Additionally, small- as well as large-signal anal-
ysis is performed in the investigated structures and the extracted RF FoMs are also
studied with respect to scaling and inversion level. It proves that both domains, ex-
pressed by specific design metrics achieve their optimum performance in lower IC
values, close to or within the M.I. region. This is of great significance since these
FoM describe the overall performance of LNAs.

The thesis is organized as follows:
Chapter 2 is dedicated to the presentation of the specifications of the receiver

front end and the corresponding LNA design, using the inversion coefficient as a
design guide. Existing design techniques widely used by industry and academia
are presented as well. A comparison between the fabricated single-stage 30 GHz
LNA and multi-stage architectures is made to show the advantages and disadvantages
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incurred by the choice of each architecture [6, 7].
Chapter 3 concentrates on the implementation and measurement of the RF chip.

The design techniques that were used in laying out the devices are addressed. The
RF as well as dummy structures are also described. The latter are used for the de-
embedding of the actual device-under-test (DUT) from the pads and interconnection
lines. The S-parameters and noise de-embedding methodologies are presented in
detail and their influence on the high frequency and noise behavior of the MOS
devices is shown.

Chapter 4 addresses the small- and large-signal analysis of the investigated 90
nm process. Additionally, TCAD simulations have been performed to derive the
trend for RF FoMs for technology nodes ranging from 180 to 90, 45 and 22 nm.
These FoMs include conventional as well as more advanced performance metrics.
The product of transconductance to current ratio and transit frequency fT, standing
as an overall FoM for LNA design is studied for all technology nodes. Interestingly,
its peak value is achieved close to the center of M.I. experiencing the same trend as
NFmin: That is, the optimum values are gradually moving towards lower inversion
levels. Moreover non-linearities are studied over the channel inversion domain for
the 90 nm process as well as the TCAD data, through metrics such as the 1 dB
compression point and 3rd order intermodulation intercept points [8–10].

Chapter 5 gives a detailed description of thermal noise in MOS devices provid-
ing the theoretical background of noise sources in MOSTs as well as the existing
models. The EKV3 compact model is thoroughly presented in terms of its noise part
and improvements that have been made are discussed. Measured noise parameters
are then presented along with the model and power spectral densities are extracted.
Modeling approaches for the excess noise factor, which is essential for RF circuit
design, are validated with measurements for the first time and the impact of short-
channel effects on it are shown. All noise parameters are presented versus channel
length and inversion coefficient, experiencing a shift in the minimum value of noise
figure, in the transition region between S.I. and M.I [8, 11].

Finally, chapter 6 gives the conclusion and the future work.
The present Thesis aims at providing a general framework for efficiently exploit-

ing the advantages emerging by the downscaling of CMOS devices in low power
RFIC design. We show that the analog and particularly the RF domain can benefit
from the integration of analog and digital parts and the corresponding adaption of
state of the art technologies from the former. Through a qualitative study of noise
and small-signal analysis we prove the significance of noise as well as RF FoMs on
LNA design and validate the excess noise factor with on-wafer measurements. The
M.I. region has undoubtedly a high potential for designing RFICs with an overall
exceptional performance and this is confirmed by the design of an LNA operating
within this region. These contributions have resulted in several publications, listed
below:
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Chapter 2

Low Noise Amplifier Design

This chapter aims to introduce the reader in the design of low noise amplifiers (LNA).
We start by presenting existing receiver topologies and describe the noise and non-
linearity of cascaded stages. Thus, the impact of noise, gain and nonlinearity of the
LNA circuit in the overall receiver performance is studied. Then critical parameters
for LNA design are introduced. Existing LNA topologies, such as common gate,
common source, and cascode, are discussed and compared. Increasing the operation
frequency close to mm-wave becomes a challenge and hence an overview on recent
LNA design close to 30 GHz is given. Based on that, we show the implementation of
a 30 GHz LNA presenting its simulated as well as measured results. The advantages
of biasing an RF circuit within the moderate inversion region are exemplified by the
design of a cascode LNA operating at 5 GHz. The specifications of the circuit are
derived from the system level analysis of a direct conversion receiver for WiMAX
applications.

2.1 Receiver Architectures
A typical receiver consists of an antenna, a band-pass filter, an LNA, one or more
down-conversion stages with or without filtering and an analog-to-digital (ADC)
converter with or without variable gain amplification. The number of the down-
converting stages is determined by the receiver architecture. Heterodyne receivers
down-convert the incoming signal at a nonzero intermediate frequency (IF), but suf-
fer from the problem of image [12], demanding an extra image-reject filter for sup-
pressing the image problem. On the other hand, direct conversion (or zero-IF) re-
ceivers [13, 14] use only one down-conversion stage and have become popular over
the last decade. Compared to the heterodyne receivers, direct-conversion receivers
are simpler due to the absence of an image. Moreover, channel selection is performed
by low pass filters which can be realized on-chip as active circuit topologies. The
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schematic diagram of a typical zero-IF receiver, included in a transceiver, is shown
in Figure 2.1.
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Figure 2.1: Typical Transceiver.

2.1.1 Noise of Cascaded Stages
According to “Friis equation”, the total noise figure in a cascade of stages, e.g. the
receiver of Figure 2.1, is given by:

NF = 1+(NF1−1)+
NF2−1

AP1
+

NFm−1
AP1...AP(m−1)

(2.1)

NFm and APm are the noise figure and power gain of stage m. Equation (2.1) sug-
gests that the noise contributed by each stage decreases as the gain of the preceding
stages increases. Thus, the first stage plays the most critical role in a receiver chain.
Conversely, if a stage provides attenuation rather than amplification, then the NF of
the following stages is amplified by the attenuation quantity.

2.1.2 Nonlinearity of Cascaded Stages
In a cascade of nonlinear stages, the overall nonlinearity, expressed by the amplitude
of the third order input intercept point AIIP3 is given by (2.2). If each stage has a gain
greater than unity, the nonlinearity of the latter stages has the greatest contribution
on the overall nonlinearity. The IIP3 of each stage is scaled down by the total gain
preceding the stage. α1 and β1 is the small-signal gain of the first and second stage,
respectively, e.g. the LNA and mixer in Figure 2.1.

1
A2

IIP3
=

1
A2

IIP3,1
+

α2
1

A2
IIP3,2

+
α2

1 β 2
1

A2
IIP3,2A2

IIP3,3
+ ... (2.2)
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2.2 LNA Requirements
From the equations above, we conclude that an LNA should provide the minimum
possible noise figure, since it has the greatest contribution in the overall receiver
noise. On the other hand, its nonlinearity may be kept at a moderate level, depending
on the application. When low noise and high linearity are strong requirements for a
receiver, the LNA gain, should be adjusted so that it decreases noise contribution of
the latter stages while it does not significantly deteriorate the nonlinearity imposed
by the same stages. Except for the noise, gain and linearity, equally important design
characteristics for LNA design, such as matching and stability, are described below.

2.2.1 Matching
There are three different types of matching in an LNA, namely impedance matching,
power matching and noise matching. The latter occurs when the source admittance
is equal to the optimum admittance and will be analytically presented in Chapter 5.
Power matching maximizes power transfer to a load. Consider the case of a voltage
source with a source impedance ZS driving a load impedance ZL. From basic circuit
theory, the value of ZL that maximizes the power dissipation in the load is achieved
when ZL = Z∗S [15]. The input signal source of the LNA is usually a band-select
filter or an antenna. A band-select filter is typically designed and characterized with
a standard termination of 50 Ω. If the load impedance seen by the filter deviates from
50 Ω, then the filter may exhibit performance degradations such as loss and ripple
[16]. In the absence of a filter the antenna directly provides the incoming signal to
the LNA. The antenna is also designed for a certain real load impedance, typically
equal to 50 Ω. When the LNA input impedance is also equal to 50 Ω, the situation
is called impedance matching. Note that in this case power matching is identical
to impedance matching. Poor matching at the receiver input causes reflections, loss
and possibly voltage attenuation. The quality of the input match is expressed by the
input return loss. It is defined as the ratio of the reflected voltage to the incident volt-
age and is expressed by (2.3). Zin denotes the input impedance and RS is the source
impedance. Ideally, for Zin = RS⇒ Γ= 0, and no reflection occurs. Similarly to in-
put impedance matching, output impedance matching should also be achieved when
the LNA is considered as a standalone circuit. Usually, to facilitate measurements,
output impedance is also set to 50 Ω. Otherwise, the output impedance of the LNA,
should match that of the mixer, which in the case of Gilbert-cell-type implementa-
tions, is always capacitive.

Γ = |Zin−RS

Zin +RS
| (2.3)
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2.2.2 Stability and Reverse Isolation
LNAs may become unstable due to ground and supply parasitic inductances from the
packaging. Feedback paths from the output to the input may also lead to instability
issues for certain combinations of input and output impedances. The “Stern stability
factor”, K, is often used to describe the stability of amplifier circuits. It is defined
in (2.4). Δ is the determinant of the S-parameters matrix and equals: ∆ = S11S22−
S12S21.

K =
1+ |∆|2−|S11|2−|S22|2

2|S21||S12|
(2.4)

When K > 1 and ∆ < 1 the circuit is unconditionally stable. K should remain greater
than one at all frequencies, not only the LNA operation frequency. Equation (2.4)
implies that as couping (S12) decreases or reverse isolation (-S12) increases, stability
improves. Reverse isolation is also important for the forward gain of the LNA. Often
a low inverse isolation reduces the signal efficiency and thus the LNA gain. Moreover
a high reverse isolation reduces the spurious local oscillator tone at the antenna,
which reaches the antenna through the mixer and the reverse gain of the LNA.

2.2.3 Power Gain
Since the mixer is usually driven by a voltage, it is the voltage gain that should be
optimized in an LNA. However, in the case of a 50 Ω input and output impedance
matched LNA, voltage and power gain are the same. Several types of power gain
can be found in literature and are commonly used in LNA design. Transducer power
gain, GT, is the ratio of the the power delivered to the load to the power available
from the source. Operating power gain, GP, is the ratio of the power delivered to
the load to the power absorbed at the input. Available power gain, Gav, is the ratio
of the available output power to the available power of the source. The simplified
expressions for all power gain expressions in terms of S-parameters can be found in
(2.5), (2.6), and (2.7). This is the way Spectre© simulator calculates the power gain
quantities. In most cases the LNA power gain is represented by the transducer power
gain, and is equal to S2

21. Increasing the power/voltage gain in an LNA suppresses
the noise contribution of succeeding stages. However, maximizing the gain of the
LNA regardless of other building blocks is not advisable. This would increase the
signal levels in the mixer and could potentially create linearity problems. Therefore,
a careful choice of the LNA gain should be made, depending on the application and
the respective specifications.

GT = |S21|2 (2.5)

GP =
1

1−|S11|2
|S21|2 (2.6)
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Gav = |S21|2
1

1−|S22|2
(2.7)

2.2.4 Noise
LNAs are being used to receive and amplify weak signals. The attenuated signal
received at their input non only consists of the signal sent from the transmitter but
also of the noise signal generated from the antenna. To obtain a sufficiently high level
of signal power with a reasonable signal to noise ratio (SNR) the noise produced
by the amplifier should be kept as low as possible. The noise performance of an
amplifier is expressed by its noise factor, which is the SNR at its input divided by the
SNR at its output, F = SNRin/SNRout . The noise figure is the noise factor expressed
in decibels: NF = 10× logF . Ideally, the noise factor of a noiseless LNA equals
unity. Low noise is also desirable, since the noise contribution of the LNA has the
greatest impact on the total receiver noise (Section 1.1.1). The low noise required
for LNAs limits the choice of circuit topology. This means that in cases of very strict
noise specifications, some of the existing LNA topologies become inappropriate and
limitations on the number of amplifying stages arise.

2.2.5 Power Dissipation
The need for circuits consuming less power becomes more intense with technology
scaling. However, as the supply voltage is reduced, the available voltage headroom
may become too small to design circuits with sufficient signal integrity at reasonable
power consumption. The LNA consumes only a small fraction of the overall receiver
power. However, when power is of primary interest, e.g. in portable devices, power
dissipation should be minimized. For LNA design, power dissipation has to be con-
sidered along with other figures of merit (FoMs), such as noise, linearity, and gain,
and trade-offs among them should be handled efficiently by circuit designers.

2.3 LNA Topologies
There are several circuit topologies that fulfill the principal targets in LNA design.
In this section, basic principles of amplifier topologies, such as classical common
gate, common source, and cascode stages will be presented, and their advantages,
problems and adjustments to fulfill specifications will be discussed.

2.3.1 Common-Gate LNA
The common-gate (CG) topology is attractive for LNA design, due to its low input
impedance. If channel length modulation and body effect are neglected, the input
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impedance is equal to 1/gm, where gm is the gate transconductance of M1. gm can
be chosen so that 1/gm=50 Ω. Due to the resistive nature of input impedance, CG
LNAs can be used for broadband matching. Here, a CG stage with inductive load is
presented (Figure 2.2), with R1 representing the inductor loss. The voltage gain can
be easily calculated from the equivalent small-signal circuit. The voltage gain at the
resonant frequency equals:

Vout

VX
= gmR1 =

R1

RS
(2.8)

Therefore,

Av ≡
Vout

Vin
=

R1

2RS
(2.9)

Thermal noise of M1 can be modeled by a voltage source in series with the
gate, with a power spectral density equal to: V 2

n1 = 4kT γ/gm. γ is a bias dependent
parameter called thermal noise excess factor and will be extensively presented in
Chapter 5. The noise at the output due to M1 can be found by multiplying V 2

n1 by the
square of gain.

V 2
n1 =

4kT γ

gm

(
R1

RS +
1

gm

)2

= kT γ
R2

1
RS

(2.10)

The output noise due to R1 is V 2
nR1 = 4kT R1.The noise of the source is 4kT RS. The

noise factor, which is equal to the ratio of the total output noise to the output noise
due to the source, is derived by dividing the output noise due to M1 and R1 by the
gain times 4kTRS and adding unity to the result. It is found to be:

F ≡ total out put noise
out put noise due to the source

= 1+ γ +4
RS

R1
(2.11)

Even if 4 RS
R1
� 1+ γ , for a value of γ equal to unity a noise figure of 3 dB is ob-

tained. However, this is a very optimistic scenario, since γ values much greater than
one were recently reported [8]. Similar results have also been shown in [16, 17],
regarding the noise figure of a CG LNA topology with resistive load. Specifically,
noise factor equals: F = 1+ γ

α
, where α = gm

gdso
. gdso is the output conductance un-

der zero drain-source voltage. For long channel devices, α equals unity and thus a
noise figure of about 2.2 dB can be achieved, assuming γ=1. With channel length
scaling, α decreases and γ increases. Hence, the high levels of noise figure renders
CG topology inappropriate for realizing LNAs with very low noise levels [18]. A
lower noise figure can be achieved if gm is increased. However, this would also give
a lower input resistance. For wide-band applications, e.g. UWB applications, the CG
structure is widely used [19, 20]. To suppress the generated noise, noise-canceling
stages may be used between the LNA and mixer [19].
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Figure 2.2: CG stage.

Several techniques for improving the gain and noise figure of CG LNAs have
been proposed, based on current bleeding [21] and noise cancellation [18]. An in-
verting amplification (with gain A) can also be introduced between the source and
gate nodes of the MOSFET. This way the effective transconductance looking into the
source terminal is boosted by an amount of (1+A) while the noise factor is reduced
by the same quantity [16].

2.3.2 Common-Source LNA
A simple baseband one-transistor common-source topology with a resistive load,
is shown in Figure 2.3a. The problem is that the circuit has a purely capacitive
input impedance, and thus input matching cannot be achieved. To create a real 50
Ω component, it suffices to place a termination resistor in parallel to the LNA input.
The input impedance is given by (2.12), where ωp is equal to: ωp = 1

RS(Cgs+MCgd)
.

M, is the Miller factor (M = 1+gm1RL). This topology strongly limits the frequency
response and gives rise to a very poor reverse isolation.

Zin =
RS

1+ jω
ωp

(2.12)

To neutralize the problem of poor reverse isolation, which results from the capacitive
feedback from the output to the input, through Cgd, a parallel resonance can by used.
However, since Cgd is relatively small, a large inductance would be required, thereby
introducing significant parasitic capacitances. Alternatively, a cascode transistor,
reducing the Miller effect, can be added (Figure 2.3b). The problem still existing is
that for a high gain, RL needs to be high. However, this will cause a large DC voltage
drop over RL. The voltages of M1 and M2 should be large enough to ensure operation
in saturation, that is, the drain-source voltage should be at least: VDS,sat =VGS−VT .
Therefore, RL is limited to: RL <

VDD−VDS,sat1−VDS,sat2
ID

[15]. Supposing a realistic
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(b) Cascode stage
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(c) CS with resistive feed-
back

Figure 2.3: (a) CS stage, (b) cascode stage with resistive load, and (c) cascode stage with
resistive feedback.

scenario of VDS,sat=0.25 V and VDD=1.2 V, and operation in strong inversion, the
voltage gain of the topology is limited to 15 dB. This is analyzed below:

Av = gm1RL =
2ID

VDS,sat1
·
VDD−VDS,sat1−VDS,sat2

ID
=

= 2 ·
VDD−VDS,sat1−VDS,sat2

VDS,sat1
= 5.6 (2.13)

The voltage drop across RL can be reduced by replacing the resistive load with an
inductor load [22, 23]. The equivalent load resistance becomes: RL = RL,S(Q2

L +1),
where RL,s is the series resistance modeling the inductor loss and QL is the quality
factor of the inductor, equal to: QL = ω0LD

RL,s
. ω0 is the frequency of operation and LD

is the inductance which is chosen so that it resonates with the output capacitance at
ω0. The problem with this topology is that it suffers from poor input matching, since
a capacitive component, due to Cgs, is still present at the input impedance. Moreover,
the resistive termination at the gate increases noise.

2.3.3 Common-Source LNA with Resistive Feedback
For frequencies well below the transit frequency the feedback CS stage, depicted
in Figure 2.3c, can be used [24, 25]. The feedback transistor RF senses the output
voltage and returns a current to the input. To resolve the problem of gain limitation
due to the resistive load, previously discussed, M2 is used instead of a resistor. From
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(b) Small-signal equivalent circuit
for Rout calculation

Figure 2.4: (a) Simplified circuit for calculation of Rin and (b) equivalent circuit for calcula-
tion of Rout .

the simplified circuit of Figure 2.4a, and since only one current flows into the circuit,
the input resistance is equal to 1/gm.

Rin ≡
Uin

iin
=

Uin

gmugs
=

Uin

gmUin
=

1
gm

(2.14)

The voltage gain can be derived by a simple KVL from input to output through
RF :

Vin−gmugsRF =Uout ⇒ AV ≡
Uout

Uin
= 1− RF

RS
(2.15)

The output resistance, Rout of the topology can be found by setting the input
voltage source to zero (Figure 2.4b).

iout = i1 +gmugs (2.16)

Uout − i1(RF +RS) = 0⇒ i1 =
Uout

RF +RS
(2.17)

0+ i1RS−ugs = 0⇒ ugs =Uout
RS

RF +RS
(2.18)

From (2.17), (2.18), the output resistance is given by:

Rout ≡
Uout

iout
=

RF +RS

2
(2.19)

The output noise current due to both M1 and M2 is equal to:

I2
n|M1,M2 = I2

n,M1 + I2
n,M2 = 4kT γ(gm1 +gm2) (2.20)
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The noise due to M1, M2 expressed in terms of its Thevenin equivalent, is the product
of I2

n|M1,M2 with R2
out .

V 2
n,out|M1,M2 = I2

n|M1,M2R2
out = 4kT γ(gm1 +gm2)

(RF +RS)
2

4
(2.21)

The noise due to RF is equal to 4kT RF . The overall noise factor due to all noisy
components is calculated through (2.22). Even for small values of γ, NF exceeds 3
dB, which is a prohibitive value when extremely noise level is required. Moreover,
the circuit also suffers from poor input impedance mismatch, since the capacitive
component due to Cgs has not been canceled.

F = 1+4
RS

RF
+ γ(gm1 +gm2)RS (2.22)

2.3.4 Common-Source LNA with Thermal Noise Cancellation
The noise contribution of the input transistor can be canceled by applying the thermal
noise cancellation technique introduced in [26, 27]. The technique is based on the CS
topology with resistive feedback. The key point with noise cancellation is to observe
that the noise current at points X and Y have equal sign, whereas signal voltages
at the same points have opposite sign [28]. This is because the gain of the stage is
negative. Recall from (2.15) that for gmRF = RF

RS
> 1, Av < 0. This difference in sign

for noise and signal makes it possible to cancel the noise of the matching device,
while simultaneously adding the signal contributions constructively [26]. This is
done by creating a scaled negative replica of the voltage at node X which is added to
the voltage at node Y, creating a new output (Figure 2.5). The scaled negative replica
is implemented using an ideal feedforward voltage amplifier with a gain −AV . The
device noise voltages at node X and Y are given by (2.23) and (2.24), respectively,
where 0 < α < 1.

VX ,n = α(RSgm) · InRS (2.23)

VY,n = α(RSgm) · In(RS +RF) (2.24)

The output noise voltage due to the noise of the transistor is:

Vout,n =VY,n−VX ,nAV (2.25)

Output noise cancellation, Vout,n = 0 is obtained for:

Avc =
VY,n

VX ,n
= 1+

RF

RS
(2.26)

,where the index c, denotes cancellation. On the other hand, the signals along the two
paths add constructively. The output, Vout , is equal to the sum of the signal at node X
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Figure 2.5: CS LNA exploiting noise cancelling.

multiplied by the signal gain from (2.15), plus VX multiplied by AV c. Therefore the
overall gain is given by (2.28)

Vout =VX (1−
RF

RS
)−VX Avc⇒ (2.27)

⇒ AV Fc =
Vout

VX
=−2

RF

RS
(2.28)

From (2.26), two characteristics of noise canceling are evident. Noise canceling
depends on the absolute value of the real impedance of the source, RS (e.g., the
impedance seen “looking into” a properly terminated coax cable). The cancellation
is independent on the quality of the source impedance match. This is because any
change of gm equally affects the noise voltages VX ,n and VY,n [26].

2.3.5 Cascode CS with Inductive Degeneration
To counteract the capacitive part of the input impedance, an inductor LS is placed be-
tween the source of the input transistor and ground. A resistive part is also created,
being equal to ωT LS, where ωT is the transit frequency, given by: ωT = gm

Cgs
. The

input impedance can now be calculated through the equivalent small-signal circuit
(Figure 2.6b) via (2.29). The real part of the input impedance can now be adjusted
through LS. However, an extra degree of freedom is needed in order to cancel the
input capacitance. Adding LG, between the gate of M1 and the input signal, serves
this goal, since the input impedance becomes equal to (2.30). At the operating fre-
quency, the imaginary part of the input impedance should equal zero, resulting in
(2.31). Therefore, LS is chosen so that ℜ(Zin) = 50Ω while LG is used to satisfy
that ℑ(Zin) = 0, at f0. The input impedance is purely resistive only at ω0, hence the
method can provide a narrow-band impedance match. The circuit topology is called
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(b) Small-signal equivalent circuit
forthe inductively degenerated cas-
code LNA

Figure 2.6: The inductively degenerated cascode LNA.

inductively degenerated cascode LNA (Figure 2.6), and can be found in numerous
publications [29–42], due to its simplicity and high performance, compared to stan-
dard CG and CS topologies. The one and only current path makes the topology ideal
for low-power applications, as will be shown in Chapter 4. For simplicity reasons,
the pad capacitance, has not been taken into account in input impedance calculation.
However in a tape-out design its value should be considered in determining Zin.

Zin =
1

sCgs
+ sLS +ωT LS (2.29)

Zin =
1

sCgs
+ s(LS +LG)+ωT LS (2.30)

ω0(LG +LS) =
1

ω0Cgs
(2.31)

Noise of the inductively degenerated cascode topology is slightly influenced by
transistor M2, and thus its contribution on the total noise is disregarded in the anal-
ysis [43]. The equivalent small-signal circuit of the CS stage is shown in Figure
2.6b, with In1 representing the thermal noise of M1. Induced-gate noise has not been
considered in noise calculations. The output current Iout is equal to:

Iout = gmUgs + In1 (2.32)

The input current is given by: iin = sCgsUgs. From KVL we get:

Uin = (RS + sLG)sCgsUgs−Ugs− sLG(Iout + sCgsUgs) = 0 (2.33)

From (2.32), Ugs =
Iout−In1

gm
. Therefore, (2.33) becomes:
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Uin = sLSIout +(Iout − In1)
sRSCgs + s2(LG +LS)Cgs +1

gm
(2.34)

At resonance (s=jω0), (2.31) raises: −ω2
0 (LG +LS)Cgs +1 = 0. Thus,

Uin = Iout( jω0LS +
jω0RSCgs

gm
)− In1

jω0RSCgs

gm
(2.35)

If we neglect the noisy part of output current, the transconductance gain of the circuit
| Iout

Uin
| can be easily derived:

| Iout

Uin
|= 1

ω0(LS +
RSCgs

gm
)

(2.36)

Recall from (2.30) that at resonance gm
Cgs

LS =RS⇒ LS =RS
Cgs
gm

. Hence, for a matched
input, the transconductance remains independent of inductances LS and LG.

| Iout

Uin
|= ωT

2ω0
· 1

RS
(2.37)

In order to calculate the output noise due to M1, we set Uin = 0. Then, from (2.35),
we get:

|In,out |M1 = |In1|
RSCgs

LSgm +RSCgs
(2.38)

, which due to gm
Cgs

LS = RS becomes:

|In,out |M1 =
|In1|

2
(2.39)

and hence

I2
n,out =

I2
n1
4

= kT γgm (2.40)

The noise of the input voltage source is equal to 4kT RS. To translate the output
noise to its appropriate form V 2

n,out , we need to divide I2
n,out by the square of the

circuit’s transconductance and by 4kT RS and add unity. The result in (2.41), holds
only at the input resonant frequency and if the input is matched. Interestingly, for
a fixed operating frequency, the noise factor and thus the noise figure reduce with
technology scaling, since the transit frequency increases. The impact of excess noise
factor in F, is clear from (2.41) and thus accurate modeling is required, rather than
assuming its long channel value, which is the case in many published work [17, 24].

F = 1+
V 2

n,out

4kT RS
= 1+

I2
n,out

(
ωT
2ω0
· 1

RS
)2

4kT RS
= 1+gmγRS(

ω0

ωT
)2 (2.41)
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The voltage gain of the cascode topology is equal to the product of the transcon-
ductance of the circuit and the load resistance RL. Using (2.36), we end up with
(2.42). The power gain, AP is derived via (2.44). Power gain increases with ωT .
Hence, for a specific frequency of operation, moving towards deep-submicron tech-
nologies improves the gain of the LNA. The power gain can be rewritten according to
(2.44), to introduce an important quantity for the cascode LNA, namely the effective
quality factor of the amplifier input circuit, Qin [17].

AV ≡
Vout

Vin
=

ωT

2ω0
· RL

RS
(2.42)

AP =
V 2

out/RL

V 2
in/RS

= (
ωT

ω)
)2 RL

4RS
(2.43)

AP = Q2
ing2

mRLRS (2.44)

, where

Qin =
Ugs

Uin
=

1
2ω0CgsRS

(2.45)

In the foregoing analysis, the induced-gate noise has not been taken into account
in noise calculations, for simplicity reasons. However, as the operating frequency in-
creases, induced-gate noise becomes a remarkable part of the total noise of the input
device. Such noise is enhanced by the quality factor of the input circuit. A high Qin
is beneficial for reducing channel current noise. However, in a design where the gate
induced current noise is disregarded one might end up with a large Qin, and a noise
totally dominated by the gate induced current noise [43]. To resolve the problem,
an additional capacitance is inserted in parallel to the intrinsic gate capacitance Cgs
of M1. Therefore Qin is decoupled from Cgs, allowing for an adjustable reduction
of Qin for any given Cgs. This is crucial since induced-gate noise increases with the
square of Cgs. This method achieves noise reduction, without deteriorating power
consumption.

In the previous analysis, power minimization was not considered as a constraint
for efficient LNA design. If an LNA is designed for input impedance matching and
noise matching, regardless of power dissipation, large devices demanding extremely
high bias current (even in the order of hundreds of mA) are required [17]. To develop
a power-constrained noise optimization technique, Shaeffer and Lee expressed noise
figure in a way that takes power consumption into account. According to this tech-
nique, the optimum device width, Wopt,P for power constrained noise optimization,
is approximately equal to:

Wopt,P '
1

3ωLCoxRS
(2.46)

20



2.3. LNA TOPOLOGIES

With a device of width Wopt the noise figure obtained within the power constraint is
given by (2.47). For a fixed frequency, the value of Fmin,P is about 0.5 - 1 dB higher
compared to the value obtained for the minimum achievable noise [24].Therefore the
noise penalty for power optimization can be tolerated.

Fmin,P ' 1+2.4
γ

α
(

ω

ωT
) (2.47)

Power constrained simultaneous noise and input impedance matching was first
introduced by Andreani [43] with the addition of an extra capacitance in parallel with
Cgs. The technique has also been used in [44–46]. An interstage inductor between
the CS and CG stage, increasing gain, decreasing noise and providing good isolation
has been proposed and implemented in [47–50].

2.3.6 Transformer-Feedback LNA
The gate-drain overlap capacitance Cgd reduces MOST and thus amplifiers’ perfor-
mance through several ways. As already discussed, Cgd adds a signal path which
reduces LNA’s reverse isolation. It also reduces the device fT , which in turn deteri-
orates noise and gain. To mitigate the effect of Cgd circuit techniques are separated
into two categories: unilateralization and neutralization [51]. Cascoding of a CS and
CG stage is a common circuit technique for unilateralization. Neutralization cancels
signal flow through Cgd by adding additional signal paths from the output to the input
so that the signal flow through Cgd and the additional signal path is zero [51].

The most commonly used circuit employing neutralization is the magnetic feed-
back LNA [51–53], depicted in Figure 2.7. The topology is ideal for low-voltage
supply operation. Magnetic-feedback LNA is a quite simple structure which con-
sists of an active device and a transformer [54]. Primary and secondary coils at drain
and source terminals, are coupled with a coupling coefficient, k. Figure 2.7b rep-
resents the small-signal equivalent circuit, which also includes the series resistance
of each inductor. The operation of magnetic feedback is based on cancellation of
the existing path between drain and gate - due to Cgd - by introducing a negative
feedback with the addition of an alternative signal pathway. More specifically, when
a small signal, Vin, is applied at the transistor’s gate, the drain current ID increases.
This in turn results in an increase of the current controlled voltage source (sMID).
Since the source potential increases, the gate-source voltage (VGS) decreases, which
constitutes a negative feedback. According to [51], the reverse signal flow through
the transformer cancels the reverse signal flow through Cgd when:

n
k
=

Cgs

Cgd
(2.48)
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(b) Small-signal equivalent circuit for
the magnetic-feedback LNA

Figure 2.7: The magnetic-feedback LNA.
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Figure 2.8: Real part of input impedance versus frequency for a magnetic-feedback LNA.

, where n is the transformer’s turn ratio, equal to n =
√

L22/L11 and k is given
by k = M/

√
L11L22 , with M being the mutual inductance. In TSMC’s 90 nm CMOS

process the ratio of the gate-source capacitance to the gate-drain capacitance equals
about 0.3, so for a given k the inductance of each coil can be computed. Attention
should be paid to the secondary coil, which is also used as source degeneration to
match the input impedance to 50 Ω. This simplifies the calculation of the primary
coil’s inductance. Choosing the proper value for k is a procedure which stems from
small signal circuit theoretical calculation of input impedance, output impedance
and voltage gain. The equations that result are complex, and not presented here. For
the detailed expressions the reader can be directed to [51, 52]. To give some in-
sight, Figure 2.8 demonstrates how k affects the input impedance, for specific values
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of L11 and L22. The same happens for output impedance and voltage gain, thus a
compromise among all FoMs should be made.

2.3.7 Ultra Low-Voltage/Power LNAs
With technology downscaling, low-voltage operation becomes imperative for RFICs.
LNAs with two cascaded stages, each of which is supplied by its individual voltage
have been shown in [55, 56]. However the reduction of the supply voltage is obtained
at the price of current increase. Folded-cascode LNAs operating under extremely
low-voltage, even at 0.5 V, have been reported in [57–59]. Despite the usual design
techniques dictating biasing the LNA in strong inversion, operation in lower inver-
sion levels has revealed the capabilities of realizing high-performance RFICs with
extremely low power dissipation. This is proven in [3, 21, 41, 45, 60–63] where con-
ventional LNA topologies, such as inductively degenerated CS and cascode LNAs
consuming much less than 1mW, while operating in low inversion levels are shown.
Alternative design techniques for input impedance matching employ usage of paral-
lel LC network, or series L and parallel L, as well as the parasitic gate resistance to
tune the input impedance at 50 Ω [64, 65].

2.4 mm-wave LNA Design - An Overview
Since the basic requirements (NF, gain, linearity, stability, power dissipation) are
the same regardless the operating frequency, the design methodologies at mm-wave
frequencies (above 30 GHz) do not change. However, the circuit topologies are
different to account for the three fundamental differences at mm-wave, compared to
lower frequency design. These are:

1. Designing using transistors close to their cut-off frequency, fΤ.

2. Operating with signals at small wavelengths resulting in distributed effects.

3. Designing with parasitic elements, which result in high impedances, on a given
node.

Transistors operating close to their cut-off frequency have smaller gain and higher
NF. A useful formula to compute the available gain at an operating frequency is
through (2.49) [66]. As an example, a transistor with a unity power gain frequency
of 240 GHz has 18 dB of power gain at 30 GHz.

GMAG = 20log
fmax

f0
(2.49)

When signals traverse components which are an appreciable size of wavelength, they
result in a noticeable phase delay across the component. Therefore, distributed ef-
fects should be considered as part of the design process. Another implication is
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that any interconnect within the circuit which is an appreciable size of wavelength
should be treated as a transmission line and accurately modeled through EM simu-
lation. The undesired parasitic components at a circuit node are shunt capacitance
and serial inductance creating admittance and impedance proportional to frequency,
respectively.

A fundamental objective of the LNA is to achieve a simultaneous input power
match and input noise match. To obtain a low NF the LNA should provide a low
minimum NF as well as an input matching network which transforms the source
impedance/admittance to the optimum impedance (Zopt)/admittance (Yopt) [66, 67].
Moreover, for maximum power transfer, Zopt should be the complex conjugate of the
input impedance of the amplifier. The most common way to express the noise factor
is through the noise parameters, as shown below:

F = Fmin +
Rn

GS
|YS−Yopt |2 (2.50)

At mm-wave the device physics of the transistor have not changed. Thus the design
for optimum noise performance remains the same. Attention during the design pro-
cedure should be paid on the assumption that the amplifier is unilateral. This only
holds for cascade amplifiers and not for single-transistor amplifiers, since their out-
put impedance matching network does affect their input impedance. Several design
topologies around 30 GHz have been reported lately, spanning from single-transistor
common source topologies to multi-stage topologies.

When a high gain is not required, e.g. in the case of a receiver where the mixer
circuit drives an additional amplifier, a single-stage transistor common source topol-
ogy can be used. This kind of topology also serves for ultra low noise design, since
it consists of a single active device. An example of an LNA operating at 24 GHz
can be found in [68]. The 90nm CMOS LNA is based on inductive degeneration and
achieves 7.5 dB power gain, with 3.2 dB NF. The circuit works with a 1 V supply
consuming 10.6 mA. Lower gain and higher NF have also been reported in [69] for
a single-stage LNA at 20 GHz.

Many reported mm-wave amplifiers use the cascode topology. One advantage
of the cascode topology is that it provides unconditional stability at the operating
frequency, simplifying matching networks. Moreover a good output-input isolation
is obtained. However, though in low frequencies the cascode topology is used to
increase gain, at mm-wave frequencies, the pole introduced by the cascode transistor
reduces gain and degrades NF [70]. The introduced pole depends on the common
gate transistor’s transconductance and the parasitic capacitance at the cascode node.
In the equation below, indexes 1 and 2 correspond to the CS and CG transistors of
the cascode topology, respectively.

ωp =
gm

2Cgd1 +Cgs2 +Cds1
(2.51)
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The parasitic capacitance on the cascode node can be tuned out using an inductor
in series to the capacitance. An alternative approach is to use a series inductance
between the CS and CG devices. This is preferred as it enhances noise performance,
rejecting noise over a broad range of frequencies [66]. Inductive degeneration in-
creases stability, decreases NF and improves linearity of the LNA. In addition, the
degenerating inductor forces optimum noise and gain points close together. On the
other hand the effective transconductance of the input stage is reduced also resulting
in reduced gain. A new input matching technique for cascode LNAs at mm-wave,
reported in [71, 72], provides moderately high gain with low NF and good input and
output matching . Cascode amplifiers operating at mm-wave have also been reported
in [71–75]

Increasing the number of stages increases power gain exponentially, but at the
expense of power consumption, which increases linearly [66]. Therefore, the design
of multi-stage amplifiers requires a proper choice of the topology and the biasing
of each stage. A two-stage amplifier at 31-34 GHz, comprising of two individual
cascode stages with interstage matching has been reported in [70]. The interstage
matching boosts the power gain by 20% and the overall performance of the LNA
is satisfactory, providing high gain and gain BW, low NF and power dissipation.
A two-stage amplifier at 30 GHz with the first stage being a CS amplifier and the
second stage a cascode amplifier also shows a high gain and noise performance,
occupying a small area [76]. Both designs use microstrip transmission lines for
input, output and interstage matching [76]. A two-stage and three-stage amplifier
employing two and three transistors in CS topology are reported in [77, 78]. The
two-stage topology has a peak gain frequency of 24 GHz at which the power gain is
13.1 dB and the NF 3.9 dB. The three-stage LNA has been fabricated for operation in
two different frequencies, both in the K-band. As expected the three-stage amplifier
exhibits higher NF and dissipates more power. Multi-stage LNAs operating at mm-
wave frequencies have also been reported in [77, 79–84]

2.5 30 GHz LNA - Implementation and Results

2.5.1 Schematic Design
Cascode LNA has extensively been used in RF applications up to 5 GHz using sev-
eral design methodologies [67]. However, recently published work [74, 75] also
shows that there is space to exploit the advantages of the topology, even at mm-wave
frequencies. This work also indicates that even under low voltage supply, at 1.2 V,
implementing a high performance cascode LNA is still possible. The cascode LNA
consists of three blocks, the input matching network, the gain stage and the output
matching network. Since the implemented LNA will be measured as a standalone
circuit, both input and output impedance are matched to 50 Ω. The analysis of the
equivalent small-signal circuit including the input pad’s capacitance, yields an input
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impedance equal to:

Zin = s(LG +LS)+
1

sCgs
+

1
sCpad

+
gmLS

Cgs
(2.52)

From the two-port noise theory, the simultaneous noise input matching (SNIM)
scheme which is used in this work, occurs when the input conductance reaches each
optimum value,

Gopt = αωCgs

√
δ

5γ
(1−|c|2) (2.53)

, where α is the ratio of gate conductance to output conductance for zero drain bias, δ
and γ are noise parameters, to be analytically presented in Chapter 5, depending on
the channel inversion level, and c is the correlation factor between gate current noise
and drain current noise. A typical value of c, for the short channel regime is about
0.4 [17]. To achieve both input matching and minimize NF, the steps to be followed
are described below:

1. The real part of Zopt should equal the real part of source impedance. From this
requirement the gate-source capacitance and channel width are calculated.

2. The real part of Zin should equal the real part of source impedance. This step
gives the inductance of LS for a given power constraint.

3. From the last step, where the imaginary part of Zin should equal the imaginary
part of source impedance, the inductance of LG is calculated.
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Figure 2.9: fT versus overdrive voltage.
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Figure 2.10: Schematic diagram of the LNA.

The optimum DC bias voltage for the common source transistor (M1) bias is
found by plotting the unity gain frequency (fT) with respect to the overdrive voltage
(VOD). fT is a critical parameter since it affects both power gain and NF. Figure 2.9
shows that when VOD > 0.3V, fT remains constant. This gives VGS = 0.65V . The gain
stage, consisting of M1 and M2 cannot be considered unilateral (S12=0). Thus there
is strong interaction between input and output stages. The latter needs to deliver a
purely real impedance. Therefore, an inductance LD is used to tune out the overall
capacitance at the LNA output, at 30 GHz. To further adjust the output impedance
at 50 Ω, a T network is also used [31, 68, 73]. The schematic diagram is shown in
Figure 2.10. The inductors values and transistors geometries are included in Table
2.1.

Component Value

L (pH) W (um) L (nm)
LG 176
LS 264
LD 251

Lout 127
M1 43x2 100
M2 43x2 100

Table 2.1: Values of the LNA components.
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Figure 2.11: Cascode LNA Layout.

2.5.2 Layout Design
The uppermost metal of the design process (M9) is used for the interconnection
lines. To ensure a good matching the same orientation is used for all components
and a minimum distance is kept to reduce interaction between transmission lines
and inductors. The width of the lines is determined by the maximum current that
they have to drive. The pads have been designed so that their capacitance is kept at
an acceptable low level. The total space that the layout occupies including pads is
0.37mm2 [6] and is presented in Figure 2.11.

2.5.3 Post-Layout Simulation Results
The simulation results were performed in Spectre simulator and corner analysis was
used to validate the design. The scattering parameters of the LNA result from the
small-signal analysis of the circuit. The input impedance match is represented by
S11 and is shown in Figure 2.12a. Equivalently, S22 represents the output match and
is depicted in Figure 2.12d. Values close to 12 dB are obtained for both. Reverse
isolation(-S12) is plotted in Figure 2.12b and is about 18 dB. The LNA forward gain,
which is the same with its voltage and power gain is 6 dB in the frequency range of
29 GHz, and is shown in Figure 2.12c. The 3-dB bandwidth is 4.5 GHz. The noise
figure is 3.9 dB, exported by both small- and large-signal analysis and is presented in
Figure 2.13. The LNA is unconditionally stable over the entire bandwidth as shown
in Figure 2.14. The linearity of the circuit is high enough, so that the LNA can
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receive a signal of -12 dBm, without being compressed (Figure 2.15a). The 3rd order
intercept point is 4.9 dBm (Figure 2.15b). P1dB and PIIP3 are exported through single
and two-tone analysis, respectively. The total power consumption is limited to 7.2
mW from a voltage source of 1.2 V. The frequency shift in S-parameters between pre-
and post-layout data is due to the RC parasitics generated after the layout simulation
with Assura.
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Figure 2.12: Scattering parameters of the LNA. Pre- and post-layout results.
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Figure 2.13: Noise figure of the LNA. Pre- and post-layout results.
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Figure 2.15: 1 dB compression point and 3rd order input intercept point of the LNA. Post-
layout results.

To compare this work with other published LNAs in Ka band, an overall FoM
incorporating all individual FoM is used (2.54). The summarized results as well as
comparison with other published work are presented in Table 2.2.

FoM =
Gain(dB) · IIP3(mW ) · fc (GHz)

(NF−1)(abs) ·PDC(mW )
(2.54)

Summarized Results
This work (Cascode) This work (MF) [76] [85] [74] [70]

Process (nm) 90 90 90 180 130 90
Freq. (GHz) 28.9 30 28.5 25.7 30 32.5

S21 (dB) 5.9 3.5 20 8.9 7.4 18.6
NF (dB) 3.9 2.4 2.9 6.9 3.7 3
IIP3 (dB) 4.9 5 -7.5 2.8 6 -

PDC (mW) 7.2 12.5 16.2 54 7 10
Area (mm2) 0.37 - 0.67 0.73 0.17* 0.85

FoM (-) 25.3 15.5 3.3 1.4 45.8 -

Table 2.2: Comparison of LNA performance.
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2.5.4 Measurements
The LNA circuit consists of three GSG pads for input/output. The pitch is 125um.

• Left pad (“in +bias”): This is the input port (PORT 1) of the LNA. The RF
signal as well as the DC bias for the common source transistor should be ap-
plied. Therefore, a bias tee is needed. The DC bias should be 0.65 V, whereas
the input signal should be swept in frequency. It should be noted that the LNA
works in the 30 GHz range. The input power may be varied from -35 to +10
dBm. The 1 dB compression point is expected to be about -5 dBm.

• Right pad (“out”): This is the output port (PORT 2) of the LNA. No DC bias
has to be applied.

• Upper pad (“VDD”): This pad is used for applying the supply voltage. Since
all the ground pads are shorted in layout, a DC probe could be used. If the
VDD signal is provided by a DC power supply, the “-” of the channel should
be shorted to the chasis ground. If instead, a RF probe is used, a second bias
tee is needed to provide the bias voltage “VDD”. The measurement setup is
depicted in Figure 2.16, where a RF probe is used for applying the voltage
supply “VDD”.
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Figure 2.16: Measurement setup of the LNA.

The measured current, under VDS=1.2 V and VGS=0.65 V is equal to 6.5 mA, close
to the simulated value of 6.2 mA. Simulation and measurement results for S11 and
S22 are shown in Smith Chart diagram in Figure 2.17. The input matching network
behaves as expected and an input impedance close to 50 Ω is measured. However,
the output impedance experiences a significant difference between measured and
simulated values. This is probably due to the output matching inductor, the model
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of which seems to be unreliable. However, this is to be further investigated through
additional electromagnetic simulations.

(a) S11and S22 from pre- and post-layout simu-
lations

(b) S11and S22 from measurements

Figure 2.17: S11and S22 for (a): pre- and post- layout simulations, and (b) measurements.

2.6 Low-power LNA Design at 5 GHz
Based on previous work from [86] a low-power LNA operating at 5.3 GHz was
designed as part of a WiMAX receiver. According to the specifications obtained
from the system level analysis of the WiMAX receiver [86], the LNA should have a
noise figure less than 3 dB and a power gain of 18 dB, which could be relaxed if the
gain of the variable gain amplifier is increased.

The inductively degenerated LNA exploits the great advantages of moderate in-
version region, consuming a current of 1.47 mA, which corresponds to an inver-
sion coefficient equal to 2.5. This value has been chosen following the analysis
of transconductance frequency product FoM, which will be presented in Chapter 4.
The LNA design has been performed using the extracted EKV3 model, rather than
the commercial one. The circuit achieves a noise figure of about 2 dB, while its
gain equals 15.4 dB. The circuit is matched for an input and output impedance of 50
Ω. The 1dB compression point is -18 dB. The LNA is unconditionally stable over
its entire gain bandwidth. The LNA performance characteristics are summarized in
Figure 2.18.

To compare this implementation with LNAs operating close to 5 GHz, we use
formula (2.54). Interestingly, a high overall performance is obtained while power
consumption is kept minimum and much lower compared to other work (Figure
2.19). This leads to two important conclusions. First, moderate inversion is a suit-
able region for high performance RFIC design. Moreover, FoM, simple to evaluate
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such as TFP, proves to be reliable in terms of RFIC design, since the optimum bias
point can be easily calculated, using the inversion coefficient as a design guide.
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Figure 2.18: Performance characteristics of the low-power 5 GHz LNA.

0

1

2

3

4

5

6

7

References

F
o

M
 (

−
)

 

 

19.31 mW 3.96 mW

6.2 mW

2.6 mW

1.67 mW

10 mW

Lorenzo et al.

Asgaran et al.

Allstot et al.

Liu et al.

This work

Chiu et al.

Figure 2.19: Performance comparison among this work and LNAs operating at 5 GHz.

34



Chapter 3

RF Test Chip: Fabrication and
Measurements

3.1 Implementation of the RF Test Chip
For the needs of the thesis, several DC, CV and RF structures were designed and im-
plemented in a single chip along with a low-noise amplifier operating at 30 GHz. The
90 nm mixed-signal (MS) low-power (LP) TSMC process was used in the context of
a multi-project wafer (MPW) run. The overall chip area is 3.5 mm2. Regarding the
RF structures, which are of high interest to us, 10 NMOS and 10 PMOS multi-finger
devices with channel lengths ranging from 240 to 100 nm and channel width from 10
to 200 um were fabricated. The RF MOS devices are considered as a two-port net-
work with source and bulk being short-circuited and gate-source and drain-source
acting as the input and output ports, respectively. Since the measurements were
performed on wafer with a ground-signal-ground (GSG) configuration, the probing
pads were designed to fit the probe pitch. Thus, dimensions of 35 um x 35 um and
75 um x 35 um were chosen, for the signal and the ground pads, respectively. All
implemented devices are depicted in Figure 3.1.

To ensure a well defined ground-reference, the ground shielded technique [87,
88] was used. This was accomplished by connecting the ground pads directly to the
ground shield, implemented in the bottom metal layer (M1) of the technology. The
signal pad is isolated from the ground plane by using only some of the top metal
layers. In this work M9, M8, and M7 were used for the signal pads. Yield is not
the case in our study and thus the dissimilarity in the metal layers used for the pad
design does not pose any limitation. Moreover the issue of different height between
the ground and signal pads is negligible due to the high probing over-travel in CMOS
measurements. The ground shield provides a low impedance path between all four
ground pads. Furthermore, as both signals refer to the same ground plane, coupling
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between them is reduced.

Figure 3.1: RF Test Chip.

3.2 Measurements
Noise measurements were performed in TU Dresden, using a system setup consist-
ing of a probe station, a vector network analyzer, tuners, filters, switches, bias tees, a
noise source from 1-50 GHz, and a spectrum analyzer with a noise figure measure-
ment personality. For S-parameters measurements the tuner is set to 50 Ω, and the
RF switches connect the device under test (DUT) to the VNA. For noise measure-
ments the switches connect the noise source to the DUT input and the noise receiver
to the DUT output. Maury microwave software has been used for configuring the
noise setup. To apply the DC bias, a semiconductor parameter analyzer was also
used. The noise measurement setup is presented in Figure 3.2. Due to the long time
that is required for the noise measurements, a frequency step of 1 GHz has been cho-
sen. Therefore, to allow for a more detailed small-signal analysis, S-parameters have
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3.2. MEASUREMENTS

also been measured independently with a smaller frequency step. The measurement
scenarios are analytically described below.

3.2.1 Noise Measurements
For noise measurements two scenarios were used:

• Drain-source and gate-source voltages constant at VDS=1.2 V and VGS=0.65
V, and frequency was swept from 8 to 50 GHz.

• Frequency and VDS constant (f=10, 20, 30 GHz, and VDS=1.2 V), and VGS
was swept from VGS=0.3 to 1 V.

The minimum VGS bias was kept at 0.3 V because at lower bias level the gain of
the devices is generally not sufficient for reliable noise measurements. For all bias
points the output current is also calculated. Hence, all noise characteristics can be
derived versus drain current and inversion level.
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Figure 3.2: Noise measurement setup.
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3.2.2 S-Parameters Measurements
For S-parameters measurements, a three-order sweep was performed in which for
every combination of VDS and VGS values, frequency is swept. The exact values are
given below. In total, 64005 points are calculated. For every combination between
VDS and VGS, the drain current can be extracted through the DC measurements,
which are performed for the same bias points.

• VDS={0.05, 0.3, 0.8, 0.9, 1} V.

• VGS={0:0.02:1} V.

• f={0.1:0.2:50.1} GHz.

3.3 De-embedding
With the scaling of CMOS technology, transit frequencies up to 300 GHz have been
reported [89] and thus, CMOS capabilities can be exploited for mm-wave design.
In order to correctly predict the electrical behavior of RFICs, accurate modeling of
MOS devices is of utmost importance. A model is developed based on measure-
ments. Hence reliable measurements are also critical. RF MOS devices are usu-
ally measured with a ground-signal-ground (GSG) configuration. Therefore, contact
pads are needed for S-parameter and noise measurements. To get the intrinsic per-
formance of the device under test (DUT), two more steps are required, calibration
and de-embedding. In order to know exactly what we are measuring all errors up to
the probe tip must be removed. This includes internal VNA errors, the cables and
probes.

First the reference plane should be shifted at the end of the VNA coax cables.
This is done through calibration which is performed using specific standards from a
substrate kit. Several calibration methods exist, depending on the standards that are
used. In our case the short-open-load-through (SOLT) method was applied. In order
to further move the reference plane from the probe pads to the DUT, de-embedding
should be applied. Parasitics arising from interconnect lines between DUT and pads
as well as pad parasitics, have to be subtracted from the measurements on the test
structure. The process of removing the unwanted parasitics from measurements is
called de-embedding. As already mentioned, for noise de-embedding, RF measure-
ments have to be performed along with noise measurements to allow for the de-
embedding for noise and parasitics. In the following sections the de-embedding
methods that were used in this work are described and the corresponding results, for
measured and de-embedded data, are presented in terms of Y-parameters, RF figures
of merit and noise parameters.
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3.3.1 RF De-embedding
For de-embedding purposes dummy structures with a known RF behavior in terms
of their correspondent S-parameters are used. Depending on the de-embedding tech-
nique, these dummies may include the “open”, “short”, “thru”, “open-short”, “short-
open” as well as combinations among them [90].

The simplest de-embedding method proposed in [91], uses only the “thru” dummy.
The method has been validated up to 110 GHz. However it has only been applied
to on-chip passive devices (inductors, RF capacitors etc.) and is therefore not suit-
able for active devices. The standard method which is widely used in industry is the
simple open-short method [92], in which parallel and series parasitics are excluded
from the test structure through a two-step process using Y- and Z-matrices, respec-
tively. Eventually the procedure is validated using the “thru” dummy. Several other
methods have been proposed including the four-step de-embedding process [93] and
a technique employing three thru and one open dummy [94].

(a) “Thru” dummy (b) “Open” dummy (c) “Simple short - Sim-
ple open” dummy
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Figure 3.3: Layout and S-Parameter response of de-embedding structures.
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Figure 3.4: 3 step de-embedding procedure.

(a) “Thru” dummy (b) “Open” dummy (c) “Short1” dummy

Figure 3.5: Equivalent circuits for de-embedding structures.

In this work, the improved three-step de-embedding technique proposed by Van-
damme et al. [95] was implemented and is presented below. The dummy struc-
tures that were fabricated and used were the “thru”, “open” and “simple short-
simple open”. The layout of these structures is presented in Figure 3.3, with their
S-parameters response in Smith Chart, up to 50 GHz. The equivalent circuits for
the dummies can be found in [96]. In general, the open has a capacitive response,
contrary to the short which can be modeled by lossy inductors between the two
ports. The thru dummy can be represented by a transmission line with a specific
impedance and time delay. For the calculation of parasitic elements, the equivalent
circuit of Figure 3.4 is used. Admittances G1, G2, and G3 represent the coupling
via the metal interconnects and the silicon substrate between the gate-source (Port
1), drain-source (Port 2), and gate-drain, respectively. Impedances Z1 and Z2 stand
for the series impedances between port 1 and port 2 on one hand and the DUT on
the other, whereas Z3 represents the ground leads toward the DUT. Impedances and
conductances can be evaluated by analyzing and applying KVL and KCL to the
equivalent circuits of the de-embedding structures, presented in Figure 3.5a. For
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example one may calculate G1 through the equivalent circuit of thru as:

I1 =V1G1 +
V1−V2

Z1 +Z2
(3.1)

I2 =V2G2 +
V2−V1

Z1 +Z2
(3.2)

From (3.1) and (3.2), the thru Y-matrix can be calculated as:

Ythru =

[
G1 +

1
Z1+Z2

− 1
Z1+Z2

− 1
Z1+Z2

G2 +
1

Z1+Z2

]
(3.3)

Therefore:

Y11,thru = G1 +
1

Z1 +Z2
(3.4)

Y12,thru =−
1

Z1 +Z2
(3.5)

Y21,thru =−
1

Z1 +Z2
(3.6)

Y22,thru = G2 +
1

Z1 +Z2
(3.7)

Summing the left and right parts of (3.4) and (3.6), G1 is calculated as:

G1 = y11,thru + y21,thru (3.8)

Similarly,

G2 = Y21,thru +Y22,thru (3.9)

G3 =−
Y21,openY21,thru

Y21,open +Y21,thru
(3.10)

Z2 =−
1

Y12,sh1
− 1

G3
(3.11)

Z1 =−
1

Y21,thru
−Z2 (3.12)

Z3 =−
1

Y21,sh1
−Z1 (3.13)
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Equations (3.11), (3.12), and (3.13) are derived under the assumption that: 1
G3

+
Zx � Z3, with Zx = Z1 or Z2 [95]. It should be underlined that some of the Y-
parameters cannot be used for extracting the parasitics e.g. Y12 of “simple short-
simple open” (also referred as “Short1”), since the two ports have a very small cou-
pling.

The three-step de-embedding process is described below.

1. First the measured S-parameters are converted to Y-parameters. Admittances
G1 and G2 are then subtracted:

2. YA is then converted to its equivalent Z matrix and series impedances can be
accounted through (3.15).

3. ZB is again converted to YB and conductance G3 is subsequently subtracted,
resulting in the Y-parameters of the DUT, as described in (3.16).

YA = Ymeas−
[

G1 0
0 G2

]
(3.14)

ZB = ZA−
[

Z1 +Z3 Z3
Z3 Z2 +Z3

]
(3.15)

YDUT = YB−
[

G3 −G3
−G3 G3

]
(3.16)

Y-parameters that are meaningless in terms of determining the unwanted para-
sitics can be used for validating the de-embedding procedure. These are then com-
pared to their theoretical values calculated from the equivalent circuits of Figure 3.5.
The validation process is shown in Figure 3.6 for Y-parameters Y11,thru, Y22,sh1, and
Y12,sh1, up to 50 GHz. Symbols correspond to measurements whereas lines represent
the theoretically calculated values. The agreement between measured and modeled
results also indicates that the layout of the de-embedding structures is correctly rep-
resented by their equivalent circuits [95].

The importance of de-embedding DUTs from parasitics becomes evident by
comparing de-embedded RF FoMs, such as transit frequency fT, and maximum oscil-
lation frequency, fmax, with measured data. These are extracted from Y-parameters,
and thus it is also interesting to observe their behavior with and without de-embedding.
Figure 3.7 and Figure 3.8 represent Y-parameters in terms of real and imaginary parts
for NMOS and PMOS devices of channel length L=100 nm, channel width W=40x2
um, biased at |VDS|=1 V, and |VGS|=0.4 V, from 1 - 30 GHz. It is worth noticing the
behavior of real parts of Y21 and Y22, which correspond to gate transconductance
gm, and output conductance gds respectively, at low frequencies. A quite significant
difference between measured and de-embedded fT values is observed in Figure 3.9,
for both NMOS and PMOS devices. Specifically, de-embedded fT is about 10 GHz
higher than its measured data. A smaller though still present difference is obtained
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for fmax, as presented in Figure 3.10. Both FoMs are plotted with respect to a com-
mon measure of channel inversion level, called inversion coefficient, which results
from normalizing drain current ID to specific current Ispec, as IC=ID/Ispec and will be
analyzed in Appendix. Both fT and fmax are calculated at fspot=3.1 GHz.
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Figure 3.6: Measured and modeled Y-parameters of de-embedding structures for de-
embedding verification.
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(e) Imag(Y11)
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Figure 3.7: Real and Imaginary parts of Y-parameters vs. frequency, for a NMOS device of
L=100 nm and W=40x2 um, biased at VDS=1 V and VGS=0.4 V.
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(d) Real(Y22)
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Figure 3.8: Real and Imaginary parts of Y-parameters vs. frequency, for a PMOS device of
L=100 nm and W=40x2 um, biased at |VDS|=1 V and |VGS|=0.4 V.
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Figure 3.9: Measured and de-embedded data for transit frequency vs. normalized current for
devices of L=100 nm and W=40x2 um, biased at |VDS|=1V, at f=3.1 GHz.
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Figure 3.10: Measured and de-embedded data for maximum oscillation frequency vs. nor-
malized current for devices of L=100 nm and W=40x2 um, biased at |VDS|=1V, at f=3.1 GHz.

3.3.2 Noise de-embedding
For high frequency operation, the noise generated within ultra-deep-submicron MOS
devices dominates the overall noise performance of analog/RF circuits [96]. There-
fore it is crucial to identify noise characteristics of the DUT, excluding probe pads
and interconnect lines. Noise de-embedding techniques in linear two-port networks
are based on the noise power matrix, also called noise correlation matrix [96]. The
correlation matrix, CA, is defined by 3.17. In general, the DUT can be modeled ei-
ther in a parallel-series configuration, or in a cascade configuration. In the former,
the open and short dummy structures are used to de-embed the RF probe pad par-
asitics from the measured noise parameters. In the latter, the equivalent circuit is
considered as a cascade of networks consisting of the probe pads, interconnections
and the transistor, with each of these described by an equivalent matrix. For the
cascade configuration, several noise de-embedding techniques have been proposed,
employing different dummy structures [96–104]. In all cases, S-parameters mea-
surements have to be performed along with noise measurements, at the same bias
and frequency conditions, to allow for the de-embedding.

CA = 2kT
[

Rn
NFmin−1

2 −RnY ∗opt
NFmin−1

2 −RnYopt Rn|Yopt |2

]
(3.17)

In this work, noise measurements have been de-embedded using the open and
thru structures, according to [96–98]. The de-embedding process includes eleven
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steps which result in the correlation matrix of the intrinsic transistor, CA. The com-
plete proces is described below.

1. Measure the S-parameters of the DUT, open and thru, [SDUT ], [SOPEN ], [ST HRU ].

2. Measurre the noise parameters - NFDUT
min , Y DUT

opt , RDUT
n of the DUT and calcu-

late the noise correlation matrix [CDUT
A ] using 3.17.

3. Convert [SOPEN ] to [Y OPEN ] and calculate YPAD = Y OPEN
11 +Y OPEN

12 and the

ABCD parameters of the input/output pads [APAD] =

[
1 0

YPAD 1

]
.

4. Calculate [AT HRU ] from [ST HRU ].

5. Calculate the ABCD matrices:
[AIN ] = [AT HRU ][APAD]−1and [AOUT ] = [APAD]−1[AT HRU ], which include the
parasitic effects of probe pads and interconnections connected in cascade at
the input and output ports. The superscript “-1” denotes the inverse of the
matrix.

6. Convert [SDUT ] to [ADUT ] and calculate [AT RANS] = [AIN ]−1[ADUT ][AOUT ]−1.

7. Convert [AIN ] and [AOUT ] to [ZIN ] and [ZOUT ].

8. Calculate the correlation matrices:
[CIN

Z ] = 2kT ℜ([ZIN ]) and [COUT
Z ] = 2kT ℜ([ZOUT ]), which include parasitic

effects from the probe pads and interconnects connected in cascade at the input
and output ports, respectively.

9. Convert [CIN
Z ] and [COUT

Z ]to their correlation chain matrices:
[CIN

A ] = [T IN ][CIN
Z ][T IN ]T , and [COUT

A ] = [T OUT ][COUT
Z ][T OUT ]T , where su-

perscript “T” is the transpose of the matrix. [T IN ] and [T OUT ]are given by:

[T IN ] =

[
1 −AIN

11
0 −AIN

21

]
and [T OUT ] =

[
1 −AOUT

11
0 −AOUT

21

]
.

10. Calculate the correlation matrix of the intrinsic transistor:
[CA] = [AIN ]−1([CDUT

A ]− [CIN
A ])([AIN ]T )−1− [AT RANS][COUT

A ][AT RANS]T .

11. Once CA is derived, noise parameters can be evaluated via equations (3.18),
(3.19), and (3.20).

NFmin = 1+
1

kT
(ℜ(C12A)+

√
C11AC22A− (ℑ(C12A))2) (3.18)

Yopt =

√
C11AC22A− (ℑ(C12A))2 + iℑ(C12A)

C11A
(3.19)

Rn =
C11A

2kT
(3.20)
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Figure 3.11: Equivalent circuit diagram of the structure of a DUT, including probe pads,
metal interconnections and a transistor in a cascade configuration.
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De-embedding results are presented in Figure 3.12 and Figure 3.13, for NMOS
and PMOS devices, respectively, up to 20 GHz. All devices are biased at |VDS|=1.2
V and |VGS|=0.65 V. Noise parameters are presented with and without applying noise
de-embedding, with optimum source reflection coefficient being represented by its
magnitude and phase. The impact of noise de-embedding is clear in these graphs,
for all noise parameters and for the entire frequency range. Results are in line with
those presented in [99, 100, 103]
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Figure 3.12: Noise parameters for NMOS device of L=100 nm and W=40x2 um, biased at
VGS=0.65 V and VDS=1.2 V.
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Figure 3.13: Noise parameters for PMOS device of L=100 nm and W=40x2 um, biased at
|VGS|=0.65 V and |VDS|=1.2 V.
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Chapter 4

Figures of Merit for RFIC
Design

In this chapter high frequency modeling is presented in the context of the EKV3
compact model and quasi-static (QS) and non-quasi-static (NQS) operations of the
MOST are discussed. The impact of extrinsic components on CMOS RF perfor-
mance is also investigated. From the circuit perspective, RF conventional FoM ex-
tracted from Y-parameters, are presented and modeled. Advanced FoM, suitable for
RFIC design - particularly LNA design - such as transconductance frequency prod-
uct and gain transconductance frequency product are also analyzed. All FoM are
presented with respect to inversion coefficient and scaling. Additional TCAD simu-
lation data are provided along with measurements of the investigated 90 nm process,
for technology nodes of 180, 90, 45, and 22 nm. Non-linearities of the 90 nm CMOS
process and TCAD data are also investigated for all available channel length n- and
p-MOS devices, in terms of performance metrics such as the third order input in-
tercept point. Non-linearities are extracted from DC as well as RF measurements
and are plotted versus IC. For all FoM, a evident shift in their optimum performance
to lower inversion levels is observed with channel length scaling. Particularly, for
LNA, optimum performance is achieved close to the middle of moderate inversion,
for the shortest device of L=22 nm.

4.1 High Frequency Modeling
With frequency increase the design characteristics of a MOS device, such as transcon-
ductance, gain, NFmin, start to degrade. Since both the intrinsic and extrinsic part of
the device contribute to this degradation, the transistor needs to be split in its intrinsic
and extrinsic parts each of which should be properly taken into account in determin-
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ing its high frequency performance. At relatively low frequencies, well below the
fT the transistor operation is described as static or quasi-static . This means that for
every change of voltages in the device terminals, the transit time within the channel
is actually zero, and hence the device current response is immediate. Above a certain
frequency, called quasi-static frequency, ωqs, charges need time to adjust to voltage
changes. The charge density is now dependent not only on the instantaneous voltage
value but also on the past values that resulted in the specific charge density. The
normalized quasi-static frequency (Ωqs), in terms of normalized charges, is given by:

Ωqs ≡
ωqs

ωspec
≡

τspec

τqs
= 30

(qs +qd +1)3

4q2
s +4q2

d +12qsqd +10qs +10qd +5
(4.1)

, where

ωspec =
1

τspec
=

µUT

L2 (4.2)

Ωqs can stand as a FoM for the MOS device since it represents the frequency the
device can reach without accounting for the extrinsic parasitic components [4]. The
intrinsic NQS equivalent circuit is shown in Figure 4.1a. The circuit entails five
admittances (YGBi, YGSi, YGDi, YBSi, YBDi) and three transadmittances (Ym, Yms,
Ymd) connected between drain and source and controlled by the gate. These are
consequently modeled by voltage-controlled-current-sources (VCCS) defined by:

Im = Ym∆VG (4.3)

Ims = Yms∆VS (4.4)

Imd = Ymd∆VD (4.5)

The equivalent QS intrinsic circuit in Figure 4.1b is derived by the NQS circuit in
which admittances are replaced by capacitances. Transadmittances are now derived
by:

Ym = Gm(1− jωτqs) (4.6)

Yms = Gms(1− jωτqs) (4.7)

Ymd = Gmd(1− jωτqs) (4.8)

Even at RF the NQS model is seldom used due to its complexity. As a rule of
thumb, in order not to have any performance degradation due to NQS, ωqs has to be
much higher than the operating frequency (approximately 5-7 times) [4]. Increasing
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4.2. MOS EXTRINSIC PART

ωqs, can be done by increasing the bias current but at the expense of higher power
consumption.

(a) Non quasi-static (b) Quasi-static

Figure 4.1: Small-signal equivalent circuits of a MOST.

4.2 MOS Extrinsic Part
Besides the intrinsic part, which determines the device performance at relatively
low frequencies, the extrinsic part of the device becomes significant with increasing
frequency, specifically for short channel devices. The two parts are distinguished by
the internal nodes (gi, di, si, bi) which are depicted in Figure 4.2. The connection
between the intrinsic and extrinsic parts of the device is done through the source-
drain extensions (SDE), as well as the source and drain diffusions [105]. These parts
add some parasitic resistances which are modeled by the source and drain resistances
RS and RD. The access to the gate can be modeled with an equivalent resistance, RG.
RG should be kept small enough via proper layout, since it greatly affects RFIC
design [106]. In order to model the substrate network, several approaches have been
introduced [107–114]. The simpler entails the usage of a substrate resistance RB,
which is sufficient in most of the cases. However in certain circumstances, e.g. in
the slope of the unilateral power gain, which changes from the -20 dB/decade at low
inversion levels, more detailed substrate network modeling is needed.

Because of the SDE, parasitic capacitances are also present in the extrinsic de-
vice part. The overlap capacitances between gate and source CGSo and gate and
drain, CGDo are due to the overlap of the gate oxide over the SDE. In short channel
devices and strong inversion, parasitic capacitances contribute about half of the total
capacitance, and thus need to be accurately modeled. The gate to bulk capacitance,
CGBo, which is due to the extension of the gate electrode above the field oxide and
on top of the substrate [4], slightly affects the total capacitance.

53



CHAPTER 4. FIGURES OF MERIT FOR RFIC DESIGN

Figure 4.2: Equivalent circuit of the extrinsic part of a MOST.

4.3 Transistor Figures of Merit
Small-signal analysis is investigated and validated through on-wafer measurements
of S-parameters. Subsequently, S-parameters are converted to Y-parameters. Y-
parameters offer a convenient way to extract transistor FoM, such as transit fre-
quency, maximum oscillation frequency and unilateral gain. Additionally, critical
model parameters, such as overlap capacitances and parasitic resistances, previously
described, can also be derived. Analytical expressions for the Y-parameters of a
MOSFET in saturation are presented in the equations below. A detailed circuit anal-
ysis on the extraction of Y-parameters, can be found in [105].

Y11 ∼= ω
2RGC2

G + jωCG (4.9)

Y12 ∼=−ω
2RGCGDCG− jωCGD (4.10)

Y21 ∼= Gm−ω
2RGCG(CGD +Cm)− jω(CGD +Cm) (4.11)

Y22 ∼= Gds +ω
2RG(CGCBD +CGCGD +CGDCm)+ jω(CBD +CGD) (4.12)

Cm is the intrinsic gate transcapacitance. CG is the total gate capacitance, including
both the intrinsic and extrinsic capacitances:

CG ≡CGS +CGD +CGB (4.13)

CG and CGD are extracted from (4.9) and (4.10) as:

CG =
Imag(Y11)

ω
(4.14)
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4.3. TRANSISTOR FIGURES OF MERIT

CGD =
Imag(Y12)

ω
(4.15)

CGS is then calculated via (4.13) assuming operation in strong inversion and satu-
ration, where CGB is negligible. Parasitic gate resistance can be derived from (4.9)
as:

RG =
Real(Y11)

(Imag(Y11))2 (4.16)

4.3.1 Transit Frequency
A commonly used RF FoM for transistors is the unity gain frequency. It corresponds
to the frequency where the current gain of a common-source amplifier falls to unity.
The current gain is calculated through the h21 hybrid parameter of the two-port net-
work as:

h21 ≡
I2

I1
|V2=0=

Y21

Y11
∼=

Gm

jωCG
=

ωt

jω
(4.17)

ωt is the unity gain frequency in rad/sec given by the ratio of gate transconductance
to the total gate capacitance:

ωt =
Gm

CG
(4.18)

Given the S-parameters, the transit frequency in Hz can be calculated by first con-
verting S- to H-parameters and then taking the imaginary part of h21 as:

fT = Imag(h21) fspot (4.19)

, where fspot is a relatively low frequency, approximately in the range of 1-5 GHz.
Alternatively, fT can be extracted by extrapolating h21 in strong inversion and satu-
ration, where the slope is known to be -20 db/dec. The frequency point where h21
equals one (or zero dB) is the fT.

4.3.2 Maximum Oscillation Frequency
Maximum oscillation frequency stands as a FoM to compare RF performance among
MOS devices. It is directly connected to unilateral gain, U. The latter is the max-
imum available gain of a two-port network, assuming its feedback admittance Y12
is neutralized (Y12=0). For maximum gain to occur, source and load impedances
should be matched, that is: YS = Y ∗11 and YG = Y ∗22. U can be derived via Y-, Z-, or
H-parameters in a similar way [115, 116]. fmax can then be calculated according to
(4.21). Similarly to fT anf h21, fmax is derived by extrapolating U in strong inversion
and saturation.
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U =
|Y21−Y12|2

4[real(Y11)Real(Y22)−Real(Y12)Real(Y21)]
(4.20)

fmax =
√

U f spot (4.21)

4.3.3 FoM for LNA Design
The transconductance to drain current ratio Gm/ID represents the current efficiency of
a transistor, i.e. the transconductance you get for a specific current. Gm/ID is useful in
terms of analog design, e.g. in operational transconductance amplifiers (OTA). The
normalized current efficiency can be expressed as a function of inversion coefficient
through (4.22), where n is the slope factor. Current efficiency is maximum in weak
inversion and equal to 1/n, whereas it reduces as the gate-source voltage increases.

Gm

ID
=

2
n(
√

4IC+1+1)
(4.22)

Shameli et al. [117] combined Gm/ID with speed, introducing a unique FoM for
MOS transistors. This FoM is called transconductance frequency product, T FP =
(Gm/ID) fT , and is used to optimize ultra-low power RF circuits. Interestingly, for
the 180 nm CMOS process in [117], optimum performance was achieved within
moderate inversion region. Based on [117], Taris et al. investigated TFP in terms of
RFIC design [60]. They concluded that TFP stands as a FoM for LNA design, in-
corporating all individual FoM, namely voltage gain, operating frequency, noise and
power consumption, in a single one. Their analysis was applied in a common-source
LNA, but it can also be extended to cascode topology. Voltage gain Gv is found
to be proportional to fT/(RS f ) [118], where RS is the input impedance, typically
equal to 50 Ω, and f is the operating frequency. Power consumption, Pcons, is equal
to VDDID. Minimum noise factor of a MOS transistor is proportional to 1+ 1

GmRS
.

Therefore following (4.23), TFP proves to be an easy and representative way to char-
acterize the overall performance of a CS LNA. Recently, measurements on TFP were
presented down to 40 nm with respect to inversion coefficient and juxtaposed with
BSIM6 [113, 119]. In [120] the effect of velocity saturation on TFP was introduced
via analytical equations, based on the charge-based EKV3 model. In this work, TFP
is further investigated down to 22 nm.

FoMLNA =
Gv f

(F−1)Pcons
∝

Gm

ID
fT (4.23)

Song et al proposed an even simpler way to describe the overall LNA perfor-
mance [121]. Based on the cascode topology they analyzed the FoM expressed in
(4.23), without including the frequency of operation and ended up to (4.24). GP
in (4.24) is the power gain which is proportional to G2

m. The noise factor is found
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to vary with ID/G2
m. The important thing with this simpler expression is that DC

measurements are sufficient to describe the RF performance of an LNA, via the ratio
G2

m/ID. Previous work has only shown the width dependence on G2
m/ID, with respect

to gate-source voltage VGS. The length dependence of the FoM, versus inversion co-
efficient, as well as the comparison of this FoM to TFP will be shown in Section
1.5.3. GV and GP in (4.23), and (4.24) are the same when the LNA is matched to 50
Ω, at its input and output.

FoMLNA =
GP

(F−1)Pcons
∝ (

G2
m

ID
)2 (4.24)

4.3.4 Gain Transconductance Frequency Product
Additionally to TFP, which represents a trade-off between power and bandwidth,
another FoM was recently proposed [9]. Gain transconductance frequency prod-
uct (GTFP) is defined as the product of TFP with intrinsic voltage gain: GT FP =
(Gm/ID)(Gm/Gds) fT . GTFP can be mainly used as a performance metric among dif-
ferent devices [10] as well as a FoM for OTA design. The decrease in Gm/Gds with
technology scaling, affects the GTFP value which increases with a slower rate, com-
pared to TFP with technology scaling [8]. However, its optimum value experiences
the same behavior as TFP, progressively moving towards lower inversion levels.

4.4 Nonlinearity
In a transceiver chain, there are circuits operating in small-signal (LNA), while others
operate under large-signal excitation (e.g. VCO, power amplifiers etc.). Therefore it
is useful to identify the sources of non-linearities in the MOS device. Non-linearities
can be described by harmonics and intermodulation. In each case, different metrics
are used to describe the performance of a circuit.

In the case of a single signal, the 1 dB compression point is usually used as a
FoM. An amplifier maintains a constant gain for low-level input signals. However,
at higher input levels, the amplifier goes into saturation and its gain decreases. The
1 dB compression point (P1dB) indicates the power level that causes the gain to drop
by 1 dB from its small signal value.

When two interferers (at frequencies ω1 and ω2) accompany the desired signal,
the output exhibits components that arise from mixing of the two components. A
measure of intermodulation is the third intercept point. It is the point where the
amplitude of the third order intermodulation products (at 2ω1-ω2, 2ω2-ω1) becomes
equal to that of the fundamental tones at the output. The input and output third
intercept points are used for receivers and transmitters, respectively.

In a MOSFET, the nonlinearities mainly arise from harmonics [122–124] in-
duced by higher order derivatives of the channel current ID with respect to VGS,
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especially by the 3rd order derivative Gm3, calculated via (4.25). It has been shown
that non-linearities due to the non-linear ID-VDS characteristic slightly contribute to
the total non-linearities of the device [125]. Extrinsic components, such as capaci-
tances are non-linear as well, since they are bias dependent. However, keeping all
extrinsic components constant does not significantly change the model results [4].
Non-linearity analysis in MOSTs is usually expressed in terms of 3rd order inter-
modulation input intercept points PIP3 and VIP3, as well as the 1dB compression
point. PIP3, VIP3 and P1dB are derived via (4.26), (4.27), and (4.28) and have been
extensively investigated in literature [126–131]. RS is the input impedance, typically
equal to 50 Ω.

Gm =
∂ ID

∂VGS
, Gm2 =

∂ 2ID

∂V 2
GS

, Gm3 =
∂ 3ID

∂V 3
GS

(4.25)

PIP3 =

∣∣∣∣ 2Gm

3Gm3RS

∣∣∣∣ (4.26)

VIP3 =

√
24Gm

Gm3
(4.27)

P1dB =

∣∣∣∣ Gm

13.8Gm3RS

∣∣∣∣ (4.28)

In general, with increasing gate bias, PIP3 and VIP3 increase to a maximum value
followed by a local minimum [123]. With technology scaling, contradicting results
have been observed even from the same groups. Specifically, in [123], VIP3 is shown
to obtain its optimum value at lower overdrive voltages with channel length scaling.
However, in [132], the same group reports that maximum VIP3 is achieved at higher
current densities, and thus inversion levels, with technology scaling. At high drain
current density, velocity saturation and series resistance dominate VIP3[123, 132].

4.5 Results and Discussion
A compact model should predict the electrical behavior of MOS devices over a large
range of frequency, geometry, and bias. Former work showed the EKV3 model’s
validity up to 30 GHz, for 110 [116] and 180 nm [115] CMOS processes. In this
thesis, the EKV3 compact model is presented for RF FoM essential for RFIC design,
with respect to inversion level. This facilitates a comparison of devices of different
geometry, channel types, and over many technology generations. For this purpose,
multifinger n- and p-MOS devices of several geometries have been measured over
a wide range of bias points. For analog/RF applications, intrinsic gain Gm/GDS,
gate transconducance Gm and output conductance GDS, transconductance efficiency
Gm/ID, intrinsic gate and Miller capacitances Cgint and CMiller , transit frequency fT ,
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and maximum oscillation frequency fmax are of utmost importance for circuit perfor-
mance. The product (Gm/ID) fT (TFP) and fmax are considered important FoM for
the RF performance of devices. The limitation of fmax is in turn critically dependent
on Cgint/CMiller and Gm/GDS [133]. Recently, the GTFP (Gm/Gds)(Gm/ID) fT was
proposed [9, 10] as a performance metric. GTFP is easy to evaluate and combines
the HF capability of the device with transconductance efficiency and intrinsic gain.
To study the scaling effect on these performance characteristics, CMOS technology
nodes covering 180, 90, 45, and 22 nm were simulated using the ATLAS simula-
tor and modeled with EKV3. For the 90 nm case used in this paper, measured data
are presented as well. The FoMs are represented with respect to inversion coeffi-
cient, defined as IC = ID/Ispec, providing a common measure of comparison across
all channel dimensions and over technology nodes.

The models activated in the TCAD simulation comprise inversion layer Lom-
bardi CVT mobility model with doping and temperature dependence. Shockley–
Read–Hall, Auger recombination model for minority carrier recombination, and
Fermi–Dirac statistics are used. Inversion layer quantum effects are considered. The
physical parameters for TCAD simulations for different technology nodes are pre-
sented in Table 4.1. TCAD simulations and measurements of the 90 nm CMOS pro-
cess have been verified with experimental results from other researchers [89, 134], as
well as ITRS 2011 data [135]. This is shown in Figure 4.3 and Figure 4.4 for fT and
f max, respectively. A good agreement is observed among different measurements.
The trend for fT, even for the shortest devices, remains the same, i.e. it increases
with the inverse of channel length.
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Figure 4.3: TCAD simulations and measurements for transit frequency fT.
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Figure 4.4: TCAD simulations and measurements for maximum oscillation frequency fmax.

Parameter Value

Channel length (nm) 22 45 90 180
EOT (nm) 1.1 1.3 2.1 3.1

Substrate doping (cm-3) 2.5×1018 1.25×1018 7×1017 5×1017

Junction depth (nm) 10 15 30 50
Slope factor 1.6 1.4 1.31 1.27

Technology current I0 (nA) 574 549 461 439

Table 4.1: Parameters for n-MOSFETs simulated in this work.

4.5.1 Parasitic Resistances and Overlap Capacitances
In short channel MOSFETs the extrinsic components greatly affect the device per-
formance. Therefore it is prerequisite to correctly model parasitic resistances and
capacitances. Since extrinsic components result from Y-parameters, it is impera-
tive that Y-parameters should also be accurately modeled. Figure 4.5 and Figure
4.6 represent measured and modeled data for Y-parameters, in terms of their real
and imaginary parts, respectively. For convenience, a n-MOS device of L = 100
nm and W = 10 x 2 um is shown here, biased at VDS = 1 V. Three bias points are
presented, namely VGS values ranging from 0.3 - 0.5 V. This corresponds to an in-
version level ranging from moderate, which is the region of interest to us, to strong
inversion. The EKV3 model satisfactorily covers the frequency response for a wide
range of frequencies, from 1 - 30 GHz. Gate resistance, RG, has a great influence
on the real part of Y21 and Y22, especially at high frequencies. This is described
in (4.11), (4.12) and is represented in Figure 4.6c and Figure 4.6d. The same holds
for parasitic capacitance CGD. Both RG and CGD are extracted in strong inversion
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and saturation, according to [136] and are depicted in Figure 4.7 versus frequency
from 1 - 30 GHz. The total gate capacitance CG is also presented in the same Figure.
Overlap capacitance CGS can be easily calculated by a simple subtraction, via (4.13),
since CGB is negligible in strong inversion. Figure 4.7 verifies that the plotted ex-
trinsic components are frequency independent and the extraction method is accurate
and reliable.

A good approximation of the DC values of gate transconductance (Gm) and out-
put conductance (Gds), for every bias point, can be achieved through (4.11) and
(4.12), for ω2 = 0. These values coincide to the values extracted from relatively low
frequencies, at which the real part of Y21 and Y22 remain constant.
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Figure 4.5: Imaginary parts of Y-parameters vs. frequency for a n-MOS device of L=100
nm, W=10x2 um, biased at VDS=1V.

61



CHAPTER 4. FIGURES OF MERIT FOR RFIC DESIGN

1 10 30
10

−6

10
−5

10
−4

10
−3

Frequency (GHz)

R
e
a
l(

Y
1
1
) 

 (
S

)

 

 

V
GS

=0.3V

V
GS

=0.4V

V
GS

=0.5V

(a) Real(Y11)

1 10 30
10

−6

10
−5

10
−4

10
−3

Frequency (GHz)

R
e
a
l(

Y
1
2
) 

 (
S

)

 

 

V
GS

=0.3V

V
GS

=0.4V

V
GS

=0.5V

(b) Real(Y12)

1 10 30
10

−4

10
−3

10
−2

10
−1

Frequency (GHz)

R
e
a
l(

Y
2
1
) 

 (
S

)

 

 

V
GS

=0.3V

V
GS

=0.4V

V
GS

=0.5V

(c) Real(Y21)

1 10 30
10

−5

10
−4

10
−3

10
−2

Frequency (GHz)

R
e
a
l(

Y
2
2
) 

 (
S

)

 

 

V
GS

=0.3V

V
GS

=0.4V

V
GS

=0.5V

(d) Real(Y22)

Figure 4.6: Real parts of Y-parameters vs. frequency for a n-MOS device of L=100 nm,
W=10x2 um, biased at VDS=1V.
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Figure 4.7: Gate resistance and parasitic capacitances vs. frequency for a n-MOS device of
L=100 nm and W=10x2 um, biased at VDS=VGS=1V.

4.5.2 Transit Frequency and Maximum Oscillation Frequency
Transit frequency is an easy way to describe the RF performance of a MOS device.
A high fT is desirable, since it represents the frequency limit up to which the tran-
sistor can operate as an amplifier. fT is also related to noise, via noise factor [4].
Generally, the higher the fT, the lower the noise factor. In the present section, transit
frequency is presented versus bias and channel length for the measured as well as
the simulated devices. Figure 4.8a, demonstrates the direct relation between current
gain h21 and fT. The extrapolated value of h21 in which it crosses the zero dB point
corresponds to the fT of the device. This holds when the device is biased in strong
inversion and saturation, where the slope of the h21 is -20 dB/dec. Indeed, as shown
in Figure 4.9, the fT of the measured n-MOS device at VDS = 1 V is very close to
the value obtained by the linear extrapolation of h21. In Figure 4.9 fT is plotted for
several VDS values, including the linear region. h21 is also plotted versus inversion
coefficient in Figure 4.8b. In order to study the behavior of fT over different tech-
nology nodes, TCAD simulated data are used together with measured data. TCAD
data include CMOS technologies of L=180, 90, 45 and 22 nm. Figure 4.10, shows
that for the shortest simulated n-MOS device of L = 22 nm, an fT of about 400 GHz
is achieved, demonstrating the extensive possibilities offered by such CMOS tech-
nologies in terms of analog/RF design. Moreover maximum fT values are obtained
at lower IC values with channel length scaling.

The same trend is observed for the maximum oscillation frequency, presented
in Figure 4.12. Unilateral gain is shown in Figure 4.11a and Figure 4.11b versus
frequency and IC, respectively. For the measured device of L=100 nm, fmax is ap-
proximately equal to 120 GHz, whereas for the the 22 nm channel length device,
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fmax approaches 600 GHz. The scalability and high accuracy of the EKV3 model
is proven in all cases since it efficiently describes all FoM over frequency and bias
domains, for all investigated channel lengths. TCAD simulated data are validated by
comparing the 90 nm TCAD data with the measurement results of the 90 nm CMOS
process. These are shown to be in close proximity.
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Figure 4.8: h21 for a n-MOS device of L=100 nm and W=10x2 um, biased at VDS=1 V.
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Figure 4.10: fT vs. inversion coefficient for n-MOS device of several technology nodes with
W=10x2 um, biased at different VDS= 1 V.

10
9

10
10

10
11

10
12

0

10

20

30

40

50

Frequency (Hz)

U
 (

d
B

)

−20dB/dec

(a) U vs. frequency

10
−1

10
0

10
1

10
2

15

20

25

30

35

I
D

/I
spec

 (−)

U
  
(d

B
)

(b) U vs. inversion coefficient

Figure 4.11: Unilateral gain for a n-MOS device of L=100 nm and W=10x2 um, biased at
VDS=1 V.

65



CHAPTER 4. FIGURES OF MERIT FOR RFIC DESIGN

10
−1

10
0

10
1

10
2

0

200

400

600

800

I
D

/I
spec

 (−)

 f
m

a
x
 (

G
H

z
)

 

 

TCAD 180 nm

TCAD 90nm

Meas 90nm

TCAD 45nm

TCAD 22nm

Model

(a) fmax in semilog axis

10
−1

10
0

10
1

10
2

10
1

10
2

10
3

10
4

I
D

/I
spec

 (−)

 f
m

a
x
 (

G
H

z
)

 

 

TCAD 180 nm

TCAD 90nm

Meas 90nm

TCAD 45nm

TCAD 22nm

Model

(b) fmax in log-log axis

Figure 4.12: fmax vs. inversion coefficient for n-MOS devices of several technology nodes
with W=10x2 um, biased at different VDS= 1 V.

4.5.3 FoM for LNA Design and GTFP
Several techniques have been introduced for optimizing the performance of LNAs.
Depending on the specifications, the LNA circuit can be designed for noise match-
ing, input and noise matching, or input and noise matching while taking into account
power consumption as well. Every optimization scheme experiences certain disad-
vantages, already explained in Chapter 2. In this thesis, we show that an LNA circuit
can be simply optimized by properly choosing its operation point within the mod-
erate inversion region. This is shown by inspecting the behavior of a representative
FoM, namely the TFP. TFP is easy to calculate and describes the overall perfor-
mance of a CS LNA, in terms of noise, power, operation frequency and gain. TFP
is firstly investigated in the context of available measured n-MOS devices of the 90
nm process. This is shown in Figure 4.13, where TFP is plotted versus inversion co-
efficient for devices with channel length ranging from 240 to 100 nm, and W=40x2
um, biased at VDS=1 V. It is shown that within the same technology node, maximum
TFP appears in M.I. region and is progressively moving from higher to lower inver-
sion levels, with channel length scaling. For the shortest device of L=100 nm, this
practically means that a CS LNA biased with a current of 2.7 mA and thus a power
consumption of 2.7 mW can be achieved at a frequency of 10 GHz. The shortest
available p-MOS device has a much lower TFP, due to its lower cut-off frequency.
This value is achieved at higher inversion levels, specifically in the vicinity of M.I.
and S.I. (Figure 4.14). TFP has also been extracted for different technology nodes
and is shown in Figure 4.16. Transconductance efficiency, used in the TFP calcula-
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tion, is presented in its normalized form in Figure 4.15. TFP with respect to inver-
sion coefficient is shown in Figure 4.16. Peak values are observed within the higher
decade of moderate inversion; the optimum operating point is progressively shifted
toward the center of M.I. (IC = 1). This is of major importance as the demand for
lower supply voltages as well as lower power consumption becomes more stringent.
The ratio of G2

m/ID which includes all individual FoM but the operation frequency,
experiences the same behavior with TFP: that is, its peak value is obtained close to
the center of M.I. with channel length scaling. This is depicted in both Figure 4.17
and Figure 4.18 for measured and simulated data, respectively. This also proves that
M.I. is ideal for realizing optimum LNA implementations.
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While TFP reflects the increase in fT when scaling down the technology, the
GTFP - which in terms of analog design could be useful in operational transconduc-
tance amplifiers - of 45 and 22 nm nodes remains almost the same, as the degradation
of Gm/Gds in the latter almost outweighs the increase in fT (Figure 4.19). This is ev-
ident in Figure 4.20, where maximum values of TFP and GTFP are plotted for all
technology nodes with respect to effective gate voltage VEFF. IC and VEFF are related
via (4.29).
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IC = [ln(1+ e
VEFF
2nUT )]2 (4.29)
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Figure 4.19: GTFP vs. inversion coefficient: TCAD data, and EKV3 model for minimum
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at VDS = 0.9 V.
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4.5.4 Third Order Intercept Points and 1 db Compression Point
Linearity is not the main concern in an LNA circuit. However, it is desirable for ob-
taining its optimum overall performance. Moreover, in the last stages of a transceiver
chain (e.g. mixer, variable gain amplifier, power amplifier), it becomes of major im-
portance. Therefore, it is useful to study its behavior with bias and scaling, through
distortion FoM. In general, linearity FoMs are exported from DC measurements.
However it is also useful to study these metrics at high frequency, since this would
be more meaningful in terms of RFIC design. Therefore RF measurements were per-
formed for several VDS and VGS values and linearity metrics were extracted at 1.1
GHz. Gm, Gm2 and Gm3 measurements as well as EKV3 simulation data are shown
in Figure 4.21 versus IC for the shorter device of L=100 nm biased in saturation.
PIP3 and VIP3 are calculated through (4.26) and (4.27) and presented in Figure 4.22
and Figure 4.23, respectively, for the longest and shortest measured devices. The 1
dB compression point is plotted in Figure 4.24, experiencing the same behavior with
PIP3 and VIP3. P1dB falls approximately 10 dB below the third order intercept point.
The model results are in close proximity with measurements and recent published
work [123, 124, 137]. Since for low distortion operation all linearity FoMs should be
as high as possible, it is worth noticing that moving towards shorter length devices,
the peak value of linearity metrics is moving to lower inversion levels, experiencing
the same shift as other FoM previously presented, which for L=100 nm approaches
the center of M.I. region (IC=1). To validate the trend, non-linearity FoM were also
derived for the TCAD simulated data. Maximum values of PIP3 and P1dB are also
shown to be shifted to lower inversion levels with channel length decrease. This is
depicted in Figure 4.25 and Figure 4.26. For the TCAD case, P1P3 and P1dB have
been extracted from DC rather than data, but this has practically no impact on the
results. The extracted distortion behavior of CMOS actually means that the trade-off
between power and linearity can become more relaxed with technology scaling.
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Figure 4.21: Gm, Gm2, and Gm3 vs. inversion coefficient for a n-MOS device of L=100
nm and W=40x2 um, biased at VDS=1 V, extracted at f=1.1 GHz.
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Figure 4.22: PIP3 vs. inversion coefficient for n-MOS devices ofW=40x2 um, biased at
VDS=1 V, extracted at f=1.1 GHz.

72



4.5. RESULTS AND DISCUSSION

10
−2

10
−1

10
0

10
1

10
2

10
−1

10
0

10
1

I
D

/I
spec

 (−)

V
IP

3
 (

V
)

 

 

L=100nm

L=240nm

Figure 4.23: VIP3 vs. inversion coefficient for n-MOS devices of W=40x2 um, biased at
VDS=1 V, extracted at f=1.1 GHz.
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Figure 4.24: P1dB vs. inversion coefficient for n-MOS devices of W=40x2 um, biased at
VDS=1 V, extracted at f=1.1 GHz.
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Figure 4.25: PIP3 vs. inversion coefficient for n-MOS devices biased at VDS=0.9 V.
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Figure 4.26: P1dB vs. inversion coefficient for n-MOS devices biased at VDS=0.9 V.
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4.6 Contribution
A lot of research effort has been lately given on exploring the possibilities of high
performance RFICs, while keeping the power consumption low [113, 117, 119].
This effort is driven by the increasing demand for low-power RFICs. In this chap-
ter we demonstrate that moderate inversion is the proper operation region for circuit
biasing. This is shown through several design-oriented FoM, which are explored
over many CMOS generations. In particular, extremely high fT and fmax values are
obtained at lower inversion levels, with technology scaling. Optimum LNA perfor-
mance has been studied through simple and qualitative design metrics, such as TFP
and G2

m/ID. Both are presented for the first time down to 22 nm and confirm that it is
feasible to combine high performance with power minimization. Both FoM obtain
their maximum values within moderate inversion and specifically, at IC values close
to 3, for the 22 nm n-MOS device. GTFP, which is useful for comparing different
devices, is also shown to have a similar behavior. Non-linearities, for which con-
tradicting results have been reported regarding their trend with bias and scaling, are
also presented for the fabricated 90 nm CMOS process as well as the TCAD data.
All distortion FoM are shown to obtain their optimum values within moderate inver-
sion. The EKV3 model accurately describes this behavior with scaling and biasing,
validating both measured and simulated data.

In conclusion, all investigated FoM show that optimum analog/RF performance
is gradually shifted toward lower levels of MI, closer to around-threshold operation,
as planar bulk CMOS scales toward the 20 nm regime.
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Chapter 5

Noise in MOS Devices

The dynamic range of a receiver is limited by its sensitivity and the maximum sig-
nal strength allowable at its input. Sensitivity is related to noise, which determines
the minimum signal that the receiver can detect. Due to its random nature, noise is
characterized by its average power. Thus its power spectral density will be described
in the following section. Moreover, noise in MOS devices will be presented in detail
and the derivation of channel thermal noise as well as the impact of short-channel
effects on it will be shown. The extraction of noise parameters will be addressed in
the context of two-port network theory and noise parameters having circuit impli-
cations will be introduced. Next, modeling issues will be covered to validate noise
measurements and display the trend of noise characteristics with inversion level and
length scaling, providing guidelines for RFIC design.

5.1 Noise as a Random Process
Noise is a random process and hence even if its past values are known, its instanta-
neous value cannot be predicted. Let’s consider the current of a resistor of value R=1
kΩ, biased by a 1 V voltage source. Ideally, a constant current of 1 mA will flow
across the resistor independent of time. However, in a physical resistor the current
experiences thermal agitation, due to the random collision of electrons with lattice
atoms. The noise current is depicted in Figure 5.1. By observing the noise for a long
time, a statistical model can be built from which the average power of noise can be
extracted. This is defined in (5.1), where n(t) represents the noise waveform. Noise
consists of different frequencies and thus a large time is required to obtain several
cycles of the lowest frequency [138]. For example, the noise of human voices may
span from 20 Hz - 20 kHz. In such a case, for capturing 10 cycles of 20 Hz, the time
period should be equal to 0.5 s. From the frequency perspective, spectrum is used
to characterize the average power the signal carries at every frequency. Spectrum is
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also called power spectral density (PSD) and for the rest of the text the PSD term will
be used. For n(t), its PSD, Sn(f), is defined as the average power the noise waveform
carries in a bandwidth (BW) of 1 Hz, around frequency f [139]. To obtain the noise
PSD for frequency f1, the noise waveform is passed trough a band-pass filter with
a BW of 1 Hz, centered around f1, and then its output is squared and averaged to
obtain Sn(f1). The process is repeated for all frequencies resulting in the PSD of n(t),
Sn(f). The most common type of noise PSD is the white noise, where the frequency
response of PSD is flat, meaning it has the same value for all frequencies, resulting
in a spectrum similar to white light [139]. It is important to mention that when two
noise sources are uncorrelated, the average power of the total noise is derived by
summing the average power of each.

Pav = lim
T→∞

1
T

ˆ T

0
n2(t)dt (5.1)

Figure 5.1: Noise current generated in a resistor.

Thermal noise in conductors was first measured by J. B. Johnson, while Nyquist
was the first to derive an expression for it based on Johnson’s measurements. This
explains why thermal noise is also called Johnson or Nyquist noise. Van der Ziel
extensively investigated noise using a resistor in parallel with a capacitor to calculate
the PSD of thermal noise [140]. For a resistor, thermal noise can be described by
the equivalent Thevenin and Norton models. In the first, noise is represented by a
noisy voltage source, Vn, in series with a resistor R1, having a PSD of Svn( f ) =V 2

n =
4kT R1. The Norton equivalent consists of a noisy current source, in parallel with R1,
with its PSD given by: I2

n = V 2
n/R2

1 = 4kT/R1. The units for each representation
are V 2/Hz and A2/Hz, respectively. k is the Boltzmann’s constant, and T stands for
the absolute temperature. The quantity kT is called the available noise power [139]
having a dimension of power per unit bandwidth and is independent of resistor’s
value. As indicated by the above equations, resistor’s thermal noise is white. In
reality Svn (f) is flat up to a frequency of 100 THz, dropping at higher frequencies.
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5.2 Modeling of Thermal Noise in MOSTs: A Short
History

Modeling of thermal noise in solid-state devices has always been an issue of high
interest for the microelectronics community. The first to analyze thermal noise in
junction field-effect transistors (JFETs) was Van der Ziel [141] in 1962. Subse-
quently, Jordan and Jordan developed his theory for MOSFETs in [142]. Induced
gate noise was also analyzed by Van der Ziel for JFETs in [143] and then by Shozi
for MOSFETS [144]. From that point on, several groups were involved in the deriva-
tion of compact models for thermal noise in MOSTs. Some of them are summarized
in Table 5.1. Ideally, a compact model should provide explicit description of noise
at the terminals of the device as a function of device geometry, bias and scaling.
Practically, this is a complicated task and this explains the controversies that can
be found in literature. For compact modeling of noise in devices, three approaches
are usually adopted. An equivalent circuit based-approach, the classical Langevin or
Klaassen-Prins approach, and the impedance field method. For long-channel devices
all three methods yield the same results. Recently, it has been shown that when mo-
bility degradation is included in noise derivations, the same drain and induced gate
noise are extracted, demonstrating the equivalence of all methods [145].

A matter of great discrepancy is the short-channel phenomena that affect thermal
noise and the way they impact on it. Abidi firstly reported thermal noise measure-
ments down to 0.7 um in [146] with an excess noise 5 times higher than the respective
value for devices of channel length equal to 5 um. He attributed this increase to hot
electron effects being in line with Jindal [147, 148]. Hot electron effect has also
been adopted by many other groups, indicatively in [149–151]. On the other hand,
in [152–155] it is argued that carrier heating plays a significant role in excess noise,
due to the opposite impact velocity saturation effect has on it. In these surveys it is
shown that only channel length modulation accounts for the excessive noise, espe-
cially for channel lengths shorter than 0.5 um [152]. Similar controversies can be
found on the noise contribution coming from the velocity saturation region. Based
on Abidi’s measurements, Triantis et al. [156],[157] and Klein [158] fitted their pro-
posed model reporting that excess noise was due to both the non-saturated and the
velocity saturated region. Even though this approach is also used in [159], numer-
ous recent publications have experimentally and analytically proven that only the
non-saturated region contributes to channel thermal noise [5, 145, 152, 160–163].
Moreover in [156, 158], the drain-source conductance is assumed to be constant
along the channel, making the derivation of channel thermal noise questionable. The
measurements in [146] give a greatly overestimated excess thermal noise, and hence
modeling approaches based on [146] have to be revisited. In [150], the effective mo-
bility of carriers is mistakenly assumed to be same in both regions. Han et al. [164]
consider the channel field effect on mobility. However they questionably use Ein-
stein equation in MOST channel. It is due to the above-mentioned controversies that
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excess noise parameters used to characterize thermal noise, experience variations in
some cases, e.g. see in [146], and [165–167], though they generally are in line.

Thermal noise was first analyzed at higher frequencies in 1967 by Klaassen
[168]. Due to the increased usage of MOSTs in mm-wave applications [169], at
frequencies higher than 100 GHz, it is imperative to predict noise behavior up to this
frequency range. However, due to measurement limitations, it is extremely difficult
to experimentally reach these limits. Recently, thermal noise modeling at frequencies
comparable to the device fT, was presented in [4, 170]. The contribution of extrinsic
resistances, particularly the gate resistance, to the the device thermal noise has been
qualitatively investigated in [1, 171–173]. An other issue of interest is on the number
of noise parameters that need to be measured in order to characterize thermal noise.
Despite the classical noise theory [174], according to which four noise parameters
are necessary, there are publications reporting that three noise parameters are ad-
equate [175, 176]. However, this is achieved at the expense of certain limitations
[177].

The quantitative as well as qualitative work that has been done on noise over the
last 30 years has resulted in the incorporation of thermal noise in compact models
extensively used by industry (such as PSP, EKV and BSIM), e.g. see in [161, 178–
182], validating HF measurements over a large range of technology nodes, down
to 40 nm [183]. Despite the great progress on the understanding of thermal noise
mechanisms, a lot of issues still remain unclear and need to be clarified. Part of this
task will be developed within the next sections.

Group Noise Model

Tsividis [184] Sid = 4kT
L2

e f f
µe f f (−Qinv)

Van der Ziel [140] Sid = 4kT
L2

e f f IDS

´ VDS
0 (1+ E

Ecrit
)ng2(V )dV

Chen - Deen [152] Sid = 4kT
L2

e f f
µe f f (−Qinv)+δ

4kT IDS
L2

e f f E2
crit

VDS

Klaassen - Prins [149] Sid = 4kT
L2

e f f

´ VDS
0 g2(V )dV

Klein [158] Sid = 4kT µe f f QI

L2
e f f

+ 8
3 qvsatτe

IDS
Le f f

Scholten [161] Sid = 1
L2

e f f IDS

´ VDSat
0 4kTe(x)g2(V )dV

Table 5.1: Summary of the channel noise equations of several publications.
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5.3 Modeling of Thermal Noise in MOSTs: The EKV3
Model

Noise in MOS devices can be separated into flicker (or 1/f) and thermal noise. The
frequency point where the two noise sources meet, having equal PSDs is called cor-
ner frequency and falls in the range of tens or even hundreds of MHz in modern
CMOS technologies [139]. Thermal noise in MOSTs is due to local random fluctua-
tions of the carrier velocity, which can be modeled by adding a random current to the
DC local current [4]. These fluctuations are transferred to the device terminals re-
sulting in fluctuations in voltages and currents around the device DC operating point.
For the drain current fluctuations, its noise PSD can be derived by adding the PSDs
of each of the local current sources within the channel. This can only be done by
assuming linear analysis so that superposition can be applied. A general modeling
approach is shown in Figure 5.2, where a local noisy source exists between x and
x+Δx from the source end and L-x and L-(x+Δx) from the drain end. Assuming
a finite equivalent resistance ΔR, this region can be represented by a noisy current
source, δIn in parallel with ΔR (Norton equivalent), with a PSD of Sδ I2

n
. The tran-

sistor can be split into two transistors T1 and T2, at the source and drain ends, with
channel lengths equal to x and L-x, respectively. Since the voltage fluctuation onΔR
is small enough compared to thermal voltage UT, small-signal analysis can be used
in noise derivation, according to which, T1 and T2 can be replaced by conductances
G1 and G2 equal to: G1 = 1

Gmd1
and G2 = 1

Gms2
. The total channel conductance is

then calculated by summing the two series conductances as 1
Gch

= 1
G1

+ 1
G2

.

Figure 5.2: Local noise source and its equivalent model.

The drain fluctuation, δ InD, and its corresponding PSD, S
δ In2

D
, due to the local

noisy current source δIn, are calculated according to (5.2) and (5.3), respectively.
S

δ In2
D

is a function of frequency and distance along the channel. The PSD of drain
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current due to all local noisy sources within the channel, results by adding the con-
tributions of the individual noise sources, assuming they are uncorrelated. Hence,
the overall noise drain current PSD, S

∆In2
D

, is calculated by integrating (5.3), from
x=0 to x=L. The term Δx is introduced to represent the contribution of δ In per unit
length. S

∆In2
D

in (5.4) is independent of the position x, since it is the interval along
the channel, solely depending on frequency [4, 5].

δ InD = Gch∆Rδ In (5.2)

S
δ In2

D
(ω,x) = G2

ch∆R2Sδ I2
n
(ω,x) (5.3)

S
∆In2

D
(ω) =

ˆ L

0
G2

ch∆R2 Sδ I2
n
(ω,x)

∆x
dx (5.4)

The simple two-transistor approach described above has been adopted for fre-
quencies well below the transit frequency of the device in our case (up to 24 GHz,
while fT is approximately 100 GHz). However it is also applicable for frequencies
well beyond fT as has been shown in [170, 185–188], in which the non-quasi-static
(NQS) model is derived using the same two-transistor approach. However, the equiv-
alent NQS circuit is much more complicated in this case [4].

5.3.1 Thermal Noise of Long Channel Devices
For a long channel approximation of S

∆In2
D

carrier mobility, μ, is assumed to have a
constant value, which is not the case in short channel devices. Therefore, channel
conductance at point x is the derivative of drain current, ID, with respect to voltage
V, Gch =

dID
dV . Drain current is equal to: ID = µW (−Qi)

dV
dx [189, 190], where W is

the channel width, and Qi is the inversion charge. Thus:

Gch =
dID

dV
= µ(−Qi)

W
L

= Gspecqi (5.5)

, where Gspec =
Ispec
UT

= 2nβUT . Ispec is the specific current, n is the slope factor and
β = µCox

W
L is the transconductance function or transfer parameters of the transistor,

depending on the device dimensions. qi is the normalized inversion charge, resulting
by dividing Qi by the specific charge density Qspec, which is: Qspec = −2nCoxUT
[4, 190]. Resistance ΔR is equal to:

∆R =
∆V
ID

=
∆x

W µ(−Qi)
(5.6)

From (5.3), (5.5), (5.6), the PSD of the drain current fluctuations due to δIn is calcu-
lated via (5.7). The PSD of noise drain current due to all local noise sources is then
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given by (5.8).

S
δ I2

nD
(ω,x) = G2

ch(x)∆R2(x)Sδ I2
n
(ω,x) (5.7)

S
∆I2

nD
(ω) =

ˆ L

0
(

∆x
L
)2 Sδ I2

n (ω,x)

∆x
dx =

1
L2

ˆ L

o
∆xSδ I2

n
(ω,x)dx (5.8)

In general, the PSD of drain current due to all local noise sources along the channel
can be written according to (5.9). GnD stands for the thermal noise conductance and
is significant in terms of circuit design, as we will show in the next sections.

S
∆I2

nD
= 4kT GnD (5.9)

To derive a long channel expression for GnD we first write the PSD of each δIn using
(5.6) as:

Sδ I2
n
=

4kT
∆R

= 4kT
W µ(−Qi)

∆x
(5.10)

Then, according to (5.10), (5.8) becomes:

S
∆I2

nD
(ω) =

1
L2

ˆ L

o
∆xSδ I2

n
(ω,x)dx =

1
L2

ˆ L

o
∆x4kT

W µ(−Qi)

∆x
dx =

= 4kT µ
W
L2

ˆ L

o
(−Qi)dx (5.11)

From (5.9) and (5.11) the thermal noise conductance is derived:

GnD = µ
W
L2

ˆ L

o
(−Qi)dx =

µ

L2 |QI | (5.12)

, where QI =W
´ L

0 Qi(x)dx, is the total inversion charge in the channel.

5.3.2 Short Channel Thermal Noise
The long channel approximation of thermal noise in MOSTs is no longer valid when
channel length decreases below a certain value, which is approximately equal to 1
um. Below this value short channel effects influence not only the DC but also the
noise characteristics, and this impact becomes more evident with technology scal-
ing. As technology scales down to the deca-nanometer regime, the voltage supply
and thus the electric fields within the channel do not scale proportionally with chan-
nel length. Therefore the carrier mobility cannot be assumed to be constant. Over the
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last decades there has been a discrepancy among the scientific community regarding
noise behavior of short channel MOSTs. Thermal noise is underestimated with Van
der Ziel model [140, 141, 143, 191] and overestimated with the Klaassen-Prins based
method [149, 168, 192–194], especially at low gate voltages [152]. In recent model-
ing approaches, a lot of effort has been placed in determining the source for excess
noise in short channel devices. Different noise mechanisms-diffusion noise model
and drifting dipole layer model have been proposed for noise calculation in the veloc-
ity saturation region (for more details refer in [152]). However noise contribution of
the velocity saturation region has been proven to be negligible as already discussed.
In this thesis, we show that excess noise in 90 nm CMOS is due to specific short
channel effects, namely velocity saturation (VS), channel length modulation (CLM)
and carrier heating (CH), which are presented and discussed below.

5.3.2.1 Velocity Saturation and Carrier Heating

Electrons and holes in bulk CMOS technologies have a characteristic electric field,
Ec, and saturation drift velocity, usat, given in Table 5.2. When the longitudinal field,
Ex, along the channel becomes comparable to Ec, then the drift velocity udrift, starts
to saturate. The critical field is related to the saturated drift velocity and the mobility
at low longitudinal field, μz, as: Ec =

usat
µz

. For high lateral electrical field, the car-
riers gain higher energy randomizing collisions with the lattice [1]. Thus the carrier
temperature increases as a function of the electric field. Therefore, higher carrier
temperature induces higher thermal noise, yielding that VS and CH are interdepen-
dent phenomena. EKV3 [189, 190] accounts for the impact of VS and CH on thermal
noise via the dimensionless critical field parameter λc, given by (5.13) [4, 5]. Leff
is the effective channel length and will be presented in the CLM section. Assum-
ing constant critical field, λc increases with technology scaling, being approximately
equal to λc = 0.5, for Leff=100 nm. For a specific technology node it holds that the
higher the λc value the stronger the short channel effects.

usat (m/s) Ec (V/um)
Electrons 105 1

Holes 8x104 3

Table 5.2: Characteristic critical field and saturation velocity of electrons and holes in bulk.

λc =
2UT

Le f f Ec
(5.13)
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5.3.2.2 Channel Length Modulation

With the MOSFET biased in strong inversion, as VDS increases the channel pinches
off. As the electrical field further increases the pinch off point is moving towards the
source and hence the electrical channel length shrinks. This effect is called channel
length modulation [1] and greatly affects thermal noise. The CLM effect is closely
related to VS. This is because the point where the drift velocity of carriers saturates
is close to the drain end. This is actually the point where the channel is split into
two regions. The first is the non-saturated region whereas the second is the VS
or pinch off region, close to the drain. The length of the non-saturated region is
called effective channel length, Leff, whereas ΔL is used to represent the length of
the VS region. ΔL depends on the longitudinal field and hence on gate and drain
bias voltages. Both regions are depicted in Figure 5.3 The EKV3 model accounts
for CLM, through a corresponding parameter. Since the carriers in the VS region
have reached their maximum velocity, noise voltage fluctuations in the VS region do
not propagate to the drain. Therefore, only the active region contributes to channel
thermal noise [4, 5, 163, 195, 196].

Figure 5.3: MOSFET cross section with the VS region shown to accountfor CLM.

5.3.3 Derivation of Drain Noise Current in Short Channel De-
vices

To incorporate SCE in thermal noise calculations, the same steps, as for the longer
device are followed under the assumption of operation in strong inversion, where
SCE are dominant. However the model can be extended covering all operation re-
gions, as described in [197]. The channel conductance, Gch is calculated using the
two-transistor approach as: 1

Gch
= 1

Gs
+ 1

Gd
. Gs (G1 in the long-channel approxi-

mation) is the drain transconductance of T1 after having been isolated it from T2.
It is calculated via (5.14) with ID given by (5.15). Subsequently, Gd (G2 in the
long-channel approximation), corresponding to the source transconductance of T2 is
defined in (5.16), with ID now depending on Leff-x (5.17).

Gs = Gmd1 =
dID

dV
(5.14)
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ID =
W
x

ˆ V

VS

(−Qi)µe f f dV
′

(5.15)

Gd = Gms2 =−
dID

dV
(5.16)

ID =
W

Le f f − x

ˆ VDe f f

V
(−Qi)µe f f dV

′
(5.17)

Therefore, channel conductance at position x is then obtained by (5.18). The
channel slice resistance ΔR, is computed, according to [160] by (5.19). μeff is the
effective mobility, and µ

′
e f f =

∂ µe f f
∂Ex

. Differential mobility is defined as µdi f f =
dudri f t

dEx
, whereas VDeff is given by (5.20). Both (5.18), and (5.19) are simplified to

(5.5), and (5.6), for µ
′
e f f = 0.

Gch =
µe f f (−Qi)W

Le f f +
´ VDe f f

VS

µ
′
e f f

µdi f f
dV ′

(5.18)

∆R =
∆x

W (−Qi)µdi f f
(5.19)

VDe f f =
{

VD, f or VD<VDsat
VDsat , f or VD≥VDsat

(5.20)

Le f f =
{

L, f or VD<VDsat
L−∆L, f or VD≥VDsat

(5.21)

Thermal noise conductance, GnD, of short channel MOSTs is derived following
the analysis described in [4] and is defined in (5.22). TC and TL are the carrier and
lattice temperature with their ratio given in (5.23) and factor M is described in (5.24).
GnD also simplifies to its long channel value when µ

′
e f f = 0 which in turn results in

TC=TL.

GnD = M
W

L2
e f f

ˆ Le f f

0
µz

TC

TL
(−Qi(x))dx (5.22)

TC

TL
= (

µz

µe f f
)2 =

{
(1+ |Ex |2

2Ec ), f or |Ex|<2Ec

(
|Ex |
Ec )2, f or Ex≥2Ec

(5.23)

M =
1

(1− VDe f f−VS
2Le f f EC

)2
(5.24)

An analytical expression of thermal noise, in the context of the charge-based
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EKV3 compact model, accounting for short-channel effects is given in (5.25). Nor-
malized noise conductance, gn, is expressed in terms of normalized inversion charges,
facilitating the understanding of thermal noise expression by IC designers. If gn is
derived then the PSD of drain current noise is easily calculated by formula (5.27).

gn =
2

(1+ 2UT (qs−qd)
EcLe f f

)2(qs +qd +1)
×

×


q2

s +qsqd +q2
d

3
+

U2
T i2

E2
c L2

e f f
+

( 2UT i
EcLe f f

+1)(qs−qd)

4
+

+(
2UT i

EcLe f f
−1)

UT i
2EcLe f f

(qs +qd +1)ln
qs +

1
2 −

UT i
EcLe f f

qd +
1
2 −

UT i
EcLe f f

 (5.25)

i = q2
s +qs−q2

d−qd (5.26)

Sid = 4kT gn
Ispec

UT
(5.27)

5.3.4 Contribution of Parasitic Resistances to Drain Noise Cur-
rent

Parasitic gate and substrate resistances have their own part of contribution to drain
current noise. The impact of RG on noise was first studied by Jindal [198], who
proposed a complex gate matrix layout to compute voltage fluctuations on gate re-
sistance. According to his theory, in a multi-finger layout as the one in Figure 5.4 the
correlated voltage fluctuations in every resistor due to the corresponding fluctuations
across each interconnect and gate resistor can be modeled by a simple parameter,
Aui j . Aui j is the average of the voltage fluctuation in the two ends of the ith dis-
tributed gate resistor due to a voltage fluctuation across the jth interconnect or gate
resistor, divided by the voltage fluctuation across this jth resistor. The overall RG,
generates a noise voltage of: Sv = 4kT RG, which transfers to the drain current via
g2

m. The contribution of RG to the drain current noise is: ∆SId = 4kT RGg2
m.
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Figure 5.4: A typical resistive gate matrix. Reprinted from [1].

Similarly, for the substrate resistance, RB, ∆SId = 4kT RBg2
mb, where gmb is the

bulk conductance. Because gmb� gm, the effect of RB on the drain current noise is
small, provided proper layout. This is analytically presented in [172].

5.3.5 Thermal Noise Parameters
Van der Ziel [140] first characterized thermal noise in MOSTs introducing a thermal
noise parameter, γ, and a thermal noise excess factor, α. In this thesis thermal noise
parameter and thermal noise excess factor are renamed as δ and γ, respectively, in
agreement with [4, 5], and are defined through:

δ =
GnD

Gds0
(5.28)

γ =
GnD

Gm
(5.29)

In literature, δ is referred as γ and is wrongfully treated as the excess noise factor.
Gds0 is the output conductance corresponding to zero VDS. This means that when
computing δ, GnD is probably evaluated at a different operating point compared to
Gds0. Therefore, δ is not so useful for analog/RF design but is mostly used for
modeling purposes. Actually, the thermal noise parameter shows how much the
thermal noise of a MOST deviates from the value it takes when operating as a passive
resistor of conductance Gds0.

On the other hand, thermal noise excess factor γ has been underestimated by the
scientific community and has only been presented in [4, 5, 166]. However, no experi-
mental results are available within these references. Albeit, γ is of major importance
for the noise performance of circuits, since it represents the noise that is generated
at the drain of a transistor, for a given gate transconductance. In (5.29), the thermal
noise conductance GnD and gate transconductance Gm are evaluated for the same op-
erating point. In practice, γ can be used to characterize the noise performance of
every circuit acting as a transconductor [4]. Additionally, as shown in Section 1.5.3,
γ is also of major importance in terms of LNA design [8, 11]. As a rule of thumb, the
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smaller γ, the better the noise performance of the device. γ dramatically increases in
linear operation since in this region gate transconductance decreases. In the marginal
case when VD tends to VS, γ approaches an infinite value, due to zero Gm. Therefore
it is meaningful to study the excess noise factor behavior in saturation.

Since both parameters depend on noise conductance, GnD, SCEs have a great im-
pact on their value, especially in strong inversion. This will be analytically presented
in Section 5.5.3.

5.4 High Frequency Noise Parameters
In the measurement and characterization of RF transistors, the source and bulk ter-
minals are usually short-circuited. Therefore, the device can be thought of as a two-
port network with the source acting as the common terminal and the gate and drain
terminals being the input and output, respectively. Hence we need to describe the
theory of noisy two-port network in which two noise sources, a series current source
and a shunt voltage source, as well as their correlation admittance are required to
characterize it [24]. The minimum noise figure, the equivalent noise resistance and
the optimum source reflection coefficient, usually expressed by its real and imag-
inary part or by its magnitude and phase, result from this two-port noise analysis.
The minimum noise figure is obtained by imposing the input admittance to get its
optimum value for noise matching.

5.4.1 Noisy Two-Port Theory
The noise generated by any two-port device can be modeled by a noiseless network
with two partially correlated noise sources at its input [199, 200]. This is the cascade
equivalent circuit for the noisy-two port. The current and voltage configurations can
also be found in [199]. All three implementations are equivalent. These representa-
tions are equivalent to the T-parameter, Y-parameter, and Z-parameter, respectively.
In the cascade configuration of Figure 5.5, Vn is a noise source representing all the
input referred noise of the device when the source impedance is zero, whereas In is
the input referred noise when the source admittance is zero. The two noise sources
are partially correlated since they have the same physical origin and thus In can be
written as the sum of one uncorrelated (Inu) and one correlated part (Inc). The corre-
lation between In and Vn is expressed by the correlation admittance, Yc.

In = Inu + Inc = Inu +YcVn (5.30)

If we multiply both sides in (5.30) with the conjugate of Vn, V ∗n , and average we can
derive an expression for Yc.
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Figure 5.5: Equivalent circuit for a noisy two-port device.

InV ∗n = InuV ∗n +YcVnVn∗⇔ InV ∗n = InuV ∗n +YcVnV ∗n ⇔

⇔ InV ∗n = Yc|Vn|2 (5.31)

Yc =
InV ∗n
|Vn|2

(5.32)

The correlation between the two noisy sources is also represented by the corre-
lation factor, c, which is equal to:

c =
InV ∗n√
|In|2|Vn|2

= Y c

√
|Vn|2

|In|2
(5.33)

Using (5.33), (5.30) can be rewritten as:

|Inu|2 = |In|2−|Yc|2|Vn|2 = (1−|c|2)|In|2 (5.34)

,where
|Inc|2 = |Yc|2|Vn|2 = |c|2|In|2 (5.35)

If we use the PSDs of noise sources Vn and In, and rewrite, the above equations we
get:

Siu = Si−|Yc|2Sv (5.36)

Sic = |Yc|2Sv (5.37)
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Si = Sic +Siu (5.38)

The noise sources can be treated as they were thermal sources:

Sv = 4kT Rv (5.39)

Si = 4kT Gi (5.40)

Siu = 4kT Giu (5.41)

Sic = 4kT Gic (5.42)

Equivalently, we can write for the noise conductances and resistances:

Giu = Gi−|Yc|2Rv (5.43)

Gic = |Yc|2Rv (5.44)

Gi = Gic +Giu (5.45)

5.4.2 The Noise Factor
The noise factor (F) of a two-port network is defined as the ratio of the total output
noise to the output noise due to the source. If we use Ns for the output noise due to
the source and Na for the noise added by the two-port, then F may be written as:

F =
total out put noise

out put noise due to the source
=

Na +Ns

Ns
(5.46)

If we transform the noisy two-port into a noiseless two-port, then we can use In,tot
for the overall noise current at the input of the two-port. If Ins is the current noise
contribution coming from the source, then In,tot can be calculated applying Kirchoff’s
Current Law (KCL) [4]:

In,tot = Ins + In +YsVn⇒ |In,tot |2 = |Ins + In +YsVn|2 =

= |Ins|2 + |Inu + Inc +YsVn|2 =

= |Ins|2 + |Inu +(Yc +Ys)Vn|2 (5.47)
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⇒ |In,tot |2 = |Ins|2 + |Inu|2 + |Yc +Ys|2|Vn|2 (5.48)

Therefore, F becomes:

F =
|In,tot |2

|Ins|2
= 1+

|Inu|2 + |Yc +Ys|2|Vn|2

|Ins|2
(5.49)

Ys in (5.49) corresponds to the input admittance. The PSD of Ins, Sns, equals: Sns =
4kT Gs , where Gs is the source conductance. Thus, if we substitute (5.39) and (5.41)
into (5.49) we get:

F = 1+
Giu + |Yc +Ys|2Rv

Gs
= 1+

Giu

Gs
+

Rv

Gs
[(Gc +Gs)

2 +(Bc +Bs)
2] (5.50)

In order to calculate the optimum values of source admittance, Ys, for which F be-
comes minimum (Fmin), resulting in noise matching, we first differentiate F w.r.t. Bs
and set it equal to zero. This way the optimum value of Bs, Bopt, is obtained.

∂F
∂Bs

= 0⇔ 2Rv

Gs
(Bc +Bs) = 0 (5.51)

Bopt =−Bc (5.52)

Similarly, by differentiating F w.r.t. Gs and using Bopt from (5.52), Gopt is also
extracted.

∂F
∂Gs

= 0⇔−Giu

G2
s
− RvG2

c

G2
s

+Rv = 0 (5.53)

that is,

Gopt =

√
Giu

Rv
+G2

c =

√
Gi−|Yc|2Rv

Rv
+G2

c =

√
Gi

Rv
−B2

c (5.54)

Substituting (5.54) and (5.52) into (5.50) and taking into account (5.43) and (5.44)
Fmin is obtained.

Fmin = 1+2Rv(Gopt +Gc) (5.55)

The inverse relationships for the calculation of the correlated conductance, Gc, and
the uncorrelated part of Gi, Giu, yield:

Gc =
(Fmin−1)

2Rv
−Gopt (5.56)

Giu = (G2
opt −G2

c)Rv (5.57)
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If we then substitute (5.52), (5.56), and (5.57) into (5.50), an expression for the noise
factor in terms of Fmin, Rn, Gopt, and Bopt is easily derived:

F = Fmin +
Rv

Gs
[(Gs−Gopt)

2 +(Bs−Bopt)
2] = Fmin +

Rv

Gs
|Ys−Yopt |2 (5.58)

According to (5.58), for the noise factor to reach its minimum value, both conditions
Gs=Gopt and Bs=Bopt should hold. This situation is called noise matching and is
desirable in low-noise amplifier circuits. The optimum admittance Yopt, in (5.58) is
evaluated through the optimum source reflection coefficient, Γopt:

Yopt = Y0
1−Γopt

1+Γopt
(5.59)

Therefore, four noise parameters, namely Fmin, Rv, and Γopt (in real/imaginary or
magnitude/phase) are required to describe the noise figure of a noisy two-port net-
work [174].

In [175] an invariant noise parameter, called Lange invariant (N) is used instead
of Rn, reducing the number of HF noise parameters to three. At first F is rewritten
from (5.58) as:

F = Fmin +
N|Ys−Yopt |2

GsGopt
(5.60)

N can be obtained by measuring the 50 Ω noise figure, F(Y0). It holds that:

F(Y0) = Fmin +N
4|ρ|2

1−|ρ|2
= Fmin +N

(V −1)2

V
(5.61)

, where V is the voltage standing wave ratio: V = 1+|ρ|
1−|ρ| , and ρ is the reflection

coefficient. Thus,

N = (F(Y0)−Fmin)
V

(V −1)2 = (F(Y0)−Fmin)
1−|ρ|2

4|ρ|2
(5.62)

N depends only on the magnitude of reflection coefficient and not on its phase,
reducing the number of noise parameters required to model HF noise to three. When
the transit frequency is much higher than the operating frequency ( fT � f ) and gate-
drain capacitance is much smaller than gate-source capacitance (Cgd � Cgs) and
|c|= 0, then N can be further simplified to: N = Fmin−1

2 [177].
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5.5 Results and Discussion
Results are presented both for the de-embedded and modeled data and the accuracy
of the model is proven from strong to moderate inversion and for all available chan-
nel lengths. We first start with HF noise parameters, from which PSD of drain and
gate current noise is obtained. Then, measurements of noise parameters, γ and δ,
are validated with the EKV3 model and SCEs on their behavior are shown. For the
purpose of this work n-MOS devices have been given more attention compared to
p-MOS, due to the available measurements. Nevertheless, results for p-MOS tran-
sistors are also presented and their noise behavior is also disclosed. The extraction
process for the calculation of all noise characteristics is given in Figure 5.6. As al-
ready explained in Chapter 3, S-parameters are also needed for de-embedding noise
parameters. For the verification of S-parameters and noise measurements a well de-
fined and expected behavior should be confirmed. This can be done through parasitic
resistances and capacitances for S-parameters and through the PSD of drain current
noise for noise, since their frequency response is known to be flat.

Figure 5.6: Noise Parameter Extraction.

5.5.1 High Frequency Noise Parameters
The minimum values of NFmin for different nominal gate length n-MOS and p-MOS
devices are shown in Figure 5.7. The results correspond to fixed |VDS| = 1.2 V and
a frequency of 10 GHz, while |VGS| is swept. The remarkable difference between
n-MOS and p-MOS devices can be explained by the tremendous difference in their
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transit frequency values and in the different nature of velocity saturation among the
two channel types. The model’s scalability is depicted in Figure 5.8, where NFmin
is plotted versus frequency for 3 different channel length n-MOS devices. Contrary
to Figure 5.7, results in Figure 5.8 are extracted for a fixed VGS. This consequently
explains the difference for the NFmin values obtained at 10 GHz. Minimum noise fig-
ure, normalized equivalent noise resistance and real and imaginary parts of optimum
source reflection coefficient are presented in Figure 5.9 and Figure 5.10 versus fre-
quency, for the shortest and longest available n-MOS devices. This is also done for
p-MOS devices of L=100 and 240 nm, as shown in Figure 5.11 and Figure 5.12, re-
spectively. Measured data are symbols and modeled data are lines (holds throughout
the rest of the text).
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Figure 5.7: Minimum values of NFmin for n-MOS and p-MOS devices of channel length
ranging from 240 nm to 100 nm, at 10 GHz.
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Figure 5.9: Noise parameters versus frequency for a n-MOS device of channel length L=100
nm and channel width W=40 x 2 um, biased at VGS=0.65 V and VDS=1.2 V.
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Figure 5.10: Noise parameters versus frequency for a n-MOS device of channel length
L=240 nm and channel width W=40 x 2 um, biased at VGS=0.65 V and VDS=1.2 V.
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Figure 5.11: Noise parameters versus frequency for a p-MOS device of channel length
L=100 nm and channel width W=40 x 2 um, biased at VGS=-0.65 V and VDS=-1.2 V.
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Figure 5.12: Noise parameters versus frequency for a p-MOS device of channel length
L=240 nm and channel width W=40 x 2 um, biased at VGS=-0.65 V and VDS=-1.2 V.

From the circuit perspective, it is interesting to study noise parameters with re-
spect to bias and specifically inversion level in the channel. NFmin is plotted together
with the associated power gain (Gass) in Figure 5.13. Gass is the tuned gain of the
device when it is matched at the input for optimum noise figure and matched at the
output for minimum reflection, and is calculated through (5.63). A minimum noise
figure of 0.82 dB with an associated gain of about 11 dB is obtained at 10 GHz for a
n-MOS device of L = 100 nm and W= 40 × 2 um. Optimum values of both metrics
are obtained at the same inversion level.
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Gass =
(1−|Γopt |2)|S21|2

|1−S11Γopt |2
(5.63)
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Figure 5.13: NFmin and Gass versus inversion coefficient for a n-MOS device of L=100 nm
and W=40 x 2 um, biased at VDS=1.2 V.
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Figure 5.15: Rn and |Γopt| versus inversion coefficient for n-MOS devices of channel length
L=100 and 240 nm.
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Figure 5.16: NFmin versus inversion level and scaling for p-MOS devices of W=40 x 2 um,
biased at |VDS|=1.2 V, at 10 GHz.

The relation among NFmin, scaling and channel inversion level is displayed in
Figure 5.14a and Figure 5.14b, where the NFmin of different gate length n-MOS de-
vices is plotted versus IC. The available bias points cover a range from the center
of M.I. to deep S.I. The minimum NFmin value is moving to lower inversion lev-
els as L decreases. This becomes clearer in Figure 5.14b, where for L = 240 nm,
the minimum NFmin is observed at IC =∼ 30, whereas the respective value for L
= 100 nm is obtained in the vicinity of moderate to strong inversion (IC =∼ 11).
This clearly indicates that for more advanced technology nodes (e.g., 65 or 45 nm),
the optimum NFmin value is expected within the moderate inversion region, shifting
closer to its center. Thus, the compromise between power consumption and noise
performance is plainly relaxed when compared with former technology nodes [201].
The same trend is observed in Figure 5.15, where equivalent noise resistance, Rn and
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magnitude of optimum source reflection coefficient, |Γopt|, are presented for n-MOS
devices of L=100 nm and L=240 nm. Interestingly, optimum Rn is also achieved
at lower IC values when L is decreased. The trend remains the same however not
so clear for p-MOS devices (Figure 5.16) in which optimum NFmin for the short-
est available MOST corresponds to an IC approximately equal to 30, which means
operation in S.I.

5.5.2 Power Spectral Density of Drain Noise Current
The PSD of drain noise current, Sid, can be extracted directly from the de-embedded
data according to (5.64). Since S-parameters are measured along with noise param-
eters, at the same bias points and frequencies, Sid can be computed at any operating
point and frequency. Sid formula for EKV3 model is given by (5.65), where gnD is
the normalized noise conductance, expressed in terms of normalized inversion charge
[190]. Ispec/UT is the normalization quantity for conductances (in A/V ), called spe-
cific conductance. The PSD of drain current noise is presented in Figure 5.17a for
n-MOS devices of channel length ranging from 240 to 100 nm and frequency range
up to 20 GHz, while Figure 5.17b presents the equivalent Sid for p-MOS devices.

Sid = 4kT Rn|Y21|2 (5.64)

Sid = 4kT
Ispec

UT
gnD (5.65)
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Figure 5.17: Sid versus frequency for devices of W=40 x 2 um, biased at |VGS|=0.65 V and
|VDS|=1.2 V.
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Figure 5.18 demonstrates Sid versus bias, expressed in terms of normalized cur-
rent. Sid is accurately modeled from moderate to strong inversion for all devices,
which is essential for the correct modeling of design parameters as well. Sid is only
slightly dependent on VDS in saturation [172]. Its bias dependence on VGS at 10 GHz
is shown in Figure 5.19 . The noticeably lower drain current noise level in p-MOS
devices is due to their lower mobility compared with n-MOS devices.
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The behavior with and without accounting for SCEs in the noise model is shown
in Figure 5.20. When VS and CLM effects on noise are deactivated (while the dc
model remains unaffected, i.e., conserves all SCEs such as VS and CLM), the model
predicts a significantly decreased Sid at high gate voltage, particularly for the shorter
channel device. This is accomplished by introducing a parameter accounting for
SCEs on the noise model only, without affecting its DC part. Without the inclusion
of SCEs, the PSD of drain noise current is significantly underestimated. This has
also been reported in [152] for 0.18 um CMOS. The dependence of Sid on channel
length is shown in Figure 5.21, where Sid is plotted for n-MOS devices with channel
length of L = 100, 120, 180, and 240 nm for different VGS, at VDS = 1.2 V at 10 GHz.
The slope of the figure is 1/L, as recently reported for longer devices in [202]. The
layout dependences of Sid, which have been shown, e.g., in [172, 203, 204], are not
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within the scope of this thesis. However, these are covered by the scaling parameters
of the EKV3 model.

5.5.3 Design Parameters
In this thesis, both thermal noise parameter and excess noise factor, δ and γ , respec-
tively, are presented with respect to channel length and bias. The SCEs on thermal
noise—such as CLM, VS, and carrier heating— affect mobility and hence Gm, ef-
fective length, and γ [4, 5]. Modeling of γ is validated versus measurements for the
first time, for n-MOS devices with channel length from 240 to 100 nm.
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Figure 5.22: Thermal noise excess factor versus normalized pinch-off voltage for n-MOS
devices of W=40 x 2 um, biased at VDS=1.2 V.
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Figure 5.22 shows γ versus the pinchoff voltage VP/UT, where VP = (VG–VTO)/n.
The vertical field mobility effects [4] do not seem to be noticeable and hence have
not been included in the model. Figure 5.23 shows γ versus drain current ID/Ispec.
When SCEs are ignored in the noise model, γ is underestimated by up to 20% (which
could be significantly more in more scaled technology). The effect of length scaling
on γ is shown in Figure 5.24 . The exact value of thermal noise excess factor for
specific geometries and bias conditions is essential for RFIC designers; γ is used for
determining the minimum noise factor of a common-source (CS) low-noise ampli-
fier (LNA), as shown in (5.66) [4]. Therefore, assuming its long-channel value, as it
is more or less the case in literature [24] will result in inaccurate hand calculations.
βG is defined in (5.67), standing for the induced gate noise parameter, with GnG and
GGi being the thermal noise conductance at the gate and the conductance seen at the
gate, respectively. Sig cannot be ignored in noise calculations, since the outcome
would be nonphysical (Fmin = 1) [205]. Results presented here for γ are in close
proximity with [4, 5], which are the only sources from literature that have taken into
account, parameter γ rather than δ, to predict the excess noise in integrated circuits.
In these references, γ is presented versus the pinch-off voltage, as well. However,
measurements for γ are not available in [4, 5]. Hence we prove here that modeling
approaches in the context of the EKV3 compact model, previously used by Enz and
Roy, which are similar to those adopted in this thesis - since the core model is the
same - are reliable and accurate. This is done by validating them with measurements
of the investigated 90 nm process.

100 120 140 160 180 200 220 240
0.5

1

1.5

2

2.5

3

3.5

4

4.5

5

Channel Length (nm)

T
h

e
rm

a
l 
N

o
is

e
 E

x
c
e
s
s
 F

a
c
to

r,
 γ

 (
−

)

 

 

V
GS

=1V

V
GS

=0.8V

V
GS

=0.65V

V
GS

=0.5V

Figure 5.24: Thermal noise excess factor versus channel length for n-MOS devices of W=40
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Fmin = 1+2γ
ω

ωT

√
βG

γ
(1− c)2 (5.66)
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βG =
GnG

GGi5n
(5.67)

The thermal noise parameter δ obtained for n-MOS devices with channel width
W = 40 × 2 um, operating in saturation (Figure 5.25), deviates from its theoretical
long-channel value (2/3), and is in agreement with the results presented earlier in
[172, 196], for 180 and 250 nm channel lengths. Figure 5.25 shows that δ is slightly
dependent on VGS in saturation for a given channel length [4]. The thermal noise
parameter is shown to be only slightly dependent on VDS in saturation, while it is
significantly dependent on VDS in linear operation [164, 206]. The initial rise for δ
in the linear region is believed to be due to carriers getting hotter. As the device enters
the saturation region this increase slows down pointing perhaps to a change in the
noise mechanism [1, 148]. Since this remark back in 1985, numerous experimental
papers have reported measurements of δ. Results for some of the most cited among
them are plotted in Figure 5.26, along with measurements of the 90 nm process. Most
of the results are reproduced from [1] with some necessary corrections. Thermal
noise parameter measured and modeled in this thesis is in agreement with a large
set of data, demonstrated in the graph. Additionally, it is proven that for constant
VDS, δ decreases when VGS increases. Thermal noise parameter seems to increase
for n-MOS devices down to 40 nm, recently reported in [173, 183, 207] for operation
in strong inversion and saturation.
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Figure 5.26: Noise parameter δ, versus channel length. Partially reproduced from [1].

5.5.4 Gate Current Noise
The two main contributions to the total gate current noise are the parasitic gate resis-
tance RG and the induced gate noise of the intrinsic MOSFET. According to [172],
RG dominates gate current thermal noise, by contributing more than 60% to the
overall gate current noise. This holds for the specific case shown in [172] where a
n-MOS device of L=0.18 um, at f=3 GHz, biased at VDS = 1.8V , and VGS = 1V is
investigated. Almost half of this amount is layout dependent. Thus, to minimize
RG, devices with a large number of narrow gate fingers (Nf) [172] have been de-
signed since RG varies proportionally to 1/(Nf)2 [133]. Moreover, careful layout has
been performed by double-sided contacting the gate so that RG can be further re-
duced [172]. EKV3 accounts for scaling of multi-finger devices and covers layout-
dependent effects [190].

At radio frequencies, thermal noise from the drain is transferred to the gate, due
to the capacitive coupling existing between the channel and the gate, resulting in
induced gate noise [208, 209]. The induced gate noise is correlated with the channel
noise, because of their same origin. The PSD of induced gate noise (Sig) can be
described in terms of the noise ans S-parameters through:
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Sig = 4kT Rn{|Yopt |2−|Y11|2 +2Re[(Y11−Ycor)Y ∗11]} (5.68)

The correlation admittance Ycor is derived by the measured noise parameters:

Ycor =
NFmin−1

2Rn
−Yopt (5.69)
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Figure 5.27: Sig versus frequency for n-MOS devices of W=40 x 2 um, biased at VDS=1.2
V and VGS=0.65 V.
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Figure 5.29: Imaginary part of correlation coefficient versus frequency for a n-MOS device
of L=100 nm and W=40 x 2 um, biased at VDS=1.2 V and VGS=0.65 V.

Modeling induced gate noise requires an equivalent noise circuit. In this work,
this was implemented using a noise subcircuit, consisting of a MOSFET, RF chokes,
and a dc voltage source together with a polynomial current controlled voltage source,
which was used to sense the noise at the gate terminal. The model behaves as ex-
pected, since Sig increases with the square of frequency [143, 210]. This is shown in
Figure 5.27, where n-MOS devices with channel length of L = 100 and 180 nm, and
channel width W = 40 × 2 um, biased at VDS = 1.2 V and VGS = 0.65 V are shown.
Sig decreases with channel length since CGS also decreases. Contrary to Sid,which
depends on VGS, Sig has only a slight dependence on VGS, as shown in Figure 5.28.
The correlation between channel noise and induced gate noise is usually specified
by the correlation factor, c, which is given by (5.29), where Sigid* is the PSD of the
correlation noise

c =
Sigid∗√
SigSid

(5.70)

The imaginary part of the correlation factor, for an n-MOS device of channel length
L = 100 nm in strong inversion and saturation is close to its theoretical value (0.4j),
as reported in [4, 211], and shown in Figure 5.29.
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5.6 Contribution
Measurements and modeling of high-frequency (HF) noise, especially at frequencies
close to the millimeter-waveband (30 - 300 GHz) should provide circuit designers
insight into the scalability of noise behavior of MOS devices under given bias con-
ditions and channel length. There is a considerable number of publications on the
subject highlighting many aspects of HF noise in MOSFETs [89, 160, 161, 163, 196,
203, 204, 212–231]. RF noise parameters essential for circuit design have been an-
alyzed [160, 161, 212–215] and RF noise modeling of modern CMOS technologies
with channel length smaller than 90 nm has been discussed for a frequency range up
to 18 GHz [203, 216–219]. Noise measurements up to 27 GHz have also been re-
ported [204, 220–222]. However, in all these cases, certain limitations on modeling
and measurements are observed, regarding frequency and bias coverage of RF noise
characteristics, e.g., power spectral densities (PSD) of drain (Sid) and gate (Sig) noise
currents are not shown in detail [203, 219], or shown only for specific bias conditions
[216–218]. So far, the excess noise factor has not been given enough attention and,
to the best of our knowledge, has never been verified with measurements.

This situation clearly calls for a deeper investigation of RF noise in MOSFETs.
In this thesis, a 90-nm CMOS technology was used in the context of a millimeter-
wave project for wireless broadband transmission at 60–65 GHz. Critical RF noise
parameters for RFIC design were investigated over scaling and channel inversion
level. Thermal noise excess factor measurements were reported for the first time and
SCEs on its behavior were examined. Moreover, drain and gate current noise as well
as their correlation are thoroughly covered over a wide range of frequencies, bias
points, and channel lengths. For the investigated frequency range, automotive and
industrial applications have been reported [232].

With CMOS downscaling, extremely high fT has been achieved but at the ex-
pense of high power consumption, which has become a critical specification for ul-
tra low power devices. With the decrease in the power supply and the corresponding
decrease in the overdrive voltage, the operating point of RFICs is progressively mov-
ing towards lower inversion levels, away from the classical strong inversion region.
Moreover, RF circuit design in deep-submicrometer CMOS technologies relies heav-
ily on accurate modeling of thermal noise [183]. Therefore, as is concluded in [233],
“the channel noise models for transistors working in these regions has become im-
portant for low-power applications. Finally the scaling issues and the temperature
characteristics of the active noise sources in the transistor are another research area
for future studies”. In this work, all aspects of drain and gate current noise were
modeled in the context of circuit design and optimum performance of the investi-
gate 90 nm process was achieved close to M.I. region, while according to the trend
minimum noise is expected to shift to even lower inversion levels at more advanced
technologies. This is of tremendous importance for RFIC design, since a good trade-
off between noise and power can be achieved within this region.
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Conclusions and Future Work

In this thesis nanoscale RF CMOS transceiver design was explored in the context of
radio frequency integrated circuits operating under low-power while achieving su-
perior performance. The work was focused on low-noise amplifier design, which is
the most critical component of a receiver. A test chip including an LNA operating at
30 GHz as well as individual RF transistors of several geometries was implemented
in 90 nm CMOS process from TSMC. A large number of high-frequency and noise
measurements was performed in order to study the behavior of the incorporated de-
vices with channel length scaling and inversion level. Figures of merit related to
LNA design were extracted and optimum performance was found to be achieved in
moderate inversion. With technology scaling, a trend towards lower levels of mod-
erate inversion is observed.

First small-signal behavior of the investigated 90 nm process was analyzed ad-
dressing fundamental design characteristics. Figures of merit recently proposed,
such as the transconductance frequency product and transconductance efficiency
multiplied by the gate transconductance have been shown to be proportional with the
overall performance of cascode LNA. Their maximum values were obtained within
moderate inversion region, for the shortest available measured devices. As tech-
nology roadmap leads to ultra-deep-submicron technologies, TCAD simulation data
were also used to explore the behavior of the above-mentioned FoM down to 22 nm.
Interestingly we prove that with technology scaling the optimum bias point is pro-
gressively moving towards the center of moderate inversion. The same is observed
for non-linearity figures of merit.

Thermal noise of MOS transistors remains a hot topic as contradicting results and
interpretations on the impact of short-channel effects on it are still found in literature.
In this work, thermal noise of MOS transistors was analyzed over a wide range of
geometries, bias points and frequencies. We mainly focused on n-MOS devices for
which optimum performance in terms of their minimum noise figure was also found
just above the high limit of moderate inversion. This means that in the case of a
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noise matched LNA, the noise figure will be also achieved at the same operating
point. To the best of our knowledge, this is the first time noise is presented in a way
circuit designers can easily understand and benefit from. This was made possible
by presenting noise metrics versus inversion coefficient, whose value demonstrates
the device inversion level. The significance of the thermal noise excess factor was
highlighted, by verifying it with measurements for the first time. Thermal noise
excess factor is a key parameter for LNA design as it is found in the formula of its
minimum noise figure. Thus, it is really critical to distinguish it from the thermal
noise parameter, which is wrongly treated as the excess noise factor in literature.

The EKV3 physics-based compact model was used to validate measurements.
The impact of short-channel effects, namely velocity saturation, channel length mod-
ulation and carrier heating on the excess noise factor was presented. The model was
validated through all investigated domains, i.e. frequency, scaling and bias, from
technology nodes of 180 nm down to 22 nm.

Using the extracted model parameters, an LNA operating at 5 GHz was designed,
biased close to the center of moderate inversion. Its overall high performance and
minimum power consumption proves the validity of this work. Indeed, the trend of
all individual FoM with channel length and scaling are correctly applied to RFIC
design.

In summary, we have shown that despite the certain difficulties arising from
downscaling, design trade-offs among certain FoM become more relaxed as CMOS
scales down to the deca-nanometer regime, since optimum performance is obtained
around the threshold voltage. Therefore ultra low power nanoscale RFICs can be
obtained by properly choosing their biasing points according to qualitative FoM.

Following the philosophy of this thesis the investigated performance characteris-
tics of RF devices can be further expanded in measuring and modeling state-of-the-
art technologies, e.g. 40 nm or 28 nm CMOS, or beyond. For example, the excess
noise factor whose importance was highlighted here, can be investigated in devices
where short-channel effects will be even more dominant. Since the optimum per-
formance of such advanced CMOS technologies is expected to be achieved close to
the center of moderate inversion, the realization of RFICs - particularly LNAs - bi-
ased within this region will also substantiate that low-power operation and high RF
performance are two concepts that can co-exist constructively.
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Appendix A

Basics of the EKV3 Model

The Appendix introduces basic definitions of the EKV3 charge-based model. The
relation between inversion charge and voltages is presented. Expressions for the
channel current are derived and inversion coefficient, which is massively used in the
thesis, is determined.

A.1 Charges and Potentials in MOSFET
The gate voltage, VG, of a MOS device is given by (A.1). φMS is the gate work
function difference between the gate and the substrate. Ψox and Ψs is the oxide and
surface potential, respectively.

VG = φMS +Ψox +Ψs (A.1)

The mobile inversion charge Qi which is obtained by integrating the electron mobil-
ity nPbelow the surface of the silicon is given by (A.2). The inversion charge can be
normalized by introducing a specific charge Qspec.

Qi =−q
ˆ

∞

0
nP dz (A.2)

qi = Qi/Qspec (A.3)

, where Q_{spec} is given by (A.4):

Qspec =−2nUTCox (A.4)

The slope factor, n, is given in (A.5), where Ψsp is the pinch-off surface potential.

n =

[
∂Ψsp

∂VG

]−1

(A.5)
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The pinch-off voltage VP can be approximated by (A.6), in which VTO is the threshold
voltage. The normalized pinch-off, vP voltage is calculated by dividing VP with
the normalization constant for voltages, which is the thermal voltage UT . Thus,
vP =VP/UT .

VP '
VG−VTO

n
(A.6)

The relation between normalized inversion charge and normalized local channel volt-
age, uch is given in (A.7).

2qi + ln(qi) = vP−uch (A.7)

In weak inversion, it holds that: qi << 1. Thus, the linear term in (A.7) becomes
negligible. The mobile inverted charge can be approximated by:

qi = exp(uP−uch) (A.8)

In strong inversion: qi >> 1. Thus, qi is equal to:

qi =
uP−uch

2
(A.9)

A.2 Static Drain Current and Inversion Coefficient
Drain current, including its drift and diffusion components and assuming constant
mobility, µ , is given by (A.10). The transfer parameter, β , of the transistor is equal
to (A.11). Equation (A.10) shows that ID can be obtained directly from Qi(V ) as
depicted in Figure A.1. The integral in (A.10) can be rewritten according to (A.12).

ID = β

ˆ VD

VS

−Qi

Cox
dV (A.10)

β ≡ µCox
W
L

(A.11)

ID = β

ˆ
∞

VS

−Qi

Cox
dV −β

ˆ
∞

VD

−Qi

Cox
dV = IF − IR (A.12)

Therefore drain current can be expressed as the difference between a forward current,
IF and a reverse current IR. IF depends on VP and VS, while IR depends on VP and VD.

All currents can be normalized to the specific current which is given by (A.13).
The quantity 2nU2

T µCox is called technology current, I0. Forward and reverse nor-
malized currents are expressed by (A.14) and (A.15), respectively, as functions of
normalized inversion charges in source (qs) and drain (qd).
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A.3. TRANSCONDUCTANCES AND CHARGES
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Figure A.1: Drain current expressed through its forward and reverse components.

Ispec = 2nU2
T µCox

W
L

= 2nβU2
T (A.13)

i f =
IF

Ispec
= q2

s +qs (A.14)

ir =
IR

Ispec
= q2

d +qd (A.15)

The inversion level of the whole transistor can by characterized by a quantity
called inversion coefficient, IC. In forward saturation, where IF >> IR ⇒ ID =
IF . Therefore IC = i f . The value of IC directly indicates the inversion level of the
transistor, independently of device type and geometry. Specifically:

• For IC < 0.1, the device is in weak inversion.

• For IC > 10, the device is in strong inversion.

• For 0.1 < IC < 10, the device is in moderate inversion.

A.3 Transconductances and Charges
Drain current can be rewritten with respect to drain, source, and gate voltage, ac-
cording to (A.16).

∆ID =
∂ ID

∂VS
∆VS +

∂ ID

∂VG
∆VG +

∂ ID

∂VD
∆VD =

=−gms∆VS +gm∆VG +gmd∆VD (A.16)

gms, gm and gmd are the source, gate and drain transconductances, respectively, given
by (A.17).

115



APPENDIX A. BASICS OF THE EKV3 MODEL

gms =−
∂ ID

∂VS
, gm =

∂ ID

∂VG
, gmd =

∂ ID

∂VD
(A.17)

Relations between drain and source transconductances and normalized inversion
charges are expressed in (A.18) [234]. Gspec is a normalization quantity, given as
the ratio of specific current to thermal voltage (A.19). gm is expressed as a func-
tion of gms and gmd , according to (A.20). In saturation, where IR << IF , and hence
gmd << gms, (A.20) simplifies to gm = gms/n.

gms(d) = Gspecqs(d) (A.18)

Gspec =
Ispec

UT
(A.19)

gm =
gms−gmd

n
=

Gspec

n
(qs−qd) (A.20)

A.4 Capacitances and Charges
Relations among intrinsic capacitances and normalized inversion charges are ex-
tensively presented in [234]. The general expressions for gate-source, gate-drain,
gate-bulk, bulk-source and bulk-drain normalized capacitances, valid in all inversion
regions are given below. The total gate capacitance, is then derived by (A.26).

cGSi =
qs

3
2qs +4qd +3
(qs +qd +1)2 (A.21)

cGDi =
qd

3
2qd +4qs +3
(qs +qd +1)2 (A.22)

cGBi =
n−1

n
(1− cGSi− cGDi) (A.23)

cBSi = (n−1)cGSi (A.24)

cBDi = (n−1)cGDi (A.25)

cGI = cGSi + cGDi + cGBi (A.26)

116



Bibliography

[1] R. P. Jindal, “Physics of noise performance of nanoscale bulk MOS transistors,” in
Compact modeling: principles, techniques and applications. (G. Gildenblat, ed.), Dor-
drecht: Springer, 2010. (document), 5.2, 5.3.2.1, 5.3.2.2, 5.4, 5.5.3, 5.26

[2] P. Kinget, “Device mismatch and tradeoffs in the design of analog circuits,” Solid-State
Circuits, IEEE Journal of, vol. 40, no. 6, pp. 1212–1224, 2005. 1

[3] A. Heiberg, T. Brown, K. Mayaram, and T. Fiez, “A 250 mV, 352 uW low-IF quadrature
GPS receiver in 130 nm CMOS,” in VLSI Circuits (VLSIC), 2010 IEEE Symposium on,
pp. 135–136, 2010. 1, 2.3.7

[4] C. Enz and E. Vittoz, Charge-based MOS transistor modeling: the EKV model for low-
power and RF IC design. Chichester, England: John Wiley, 2006. 1, 4.1, 4.1, 4.2, 4.4,
4.5.2, 5.2, 5.3, 5.3, 5.3, 5.3.1, 5.3.2.1, 5.3.2.2, 5.3.3, 5.3.5, 5.3.5, 5.4.2, 5.5.3, 5.5.3,
5.5.3, 5.5.4

[5] A. S. Roy, Noise and small-signal modeling of nanoscale MOSFETs. PhD thesis, STI,
Lausanne, 2007. 1, 5.2, 5.3, 5.3.2.1, 5.3.2.2, 5.3.5, 5.3.5, 5.5.3, 5.5.3

[6] A. Antonopoulos, K. Papathanasiou, and M. Bucher, “CMOS LNA design at 30 GHz:
a case study,” in Devices, Circuits and Systems (ICCDCS), 2012 8th International
Caribbean Conference on, pp. 1–4, 2012. 1, 2.5.2

[7] A. Antonopoulos, M. Bucher, K. Papathanasiou, N. Makris, N. Mavredakis, R. Sharma,
P. Sakalas, and M. Schroter, “Modeling of high frequency noise of silicon mos transis-
tors for rfic design,” International Journal of Numerical Modelling: Electronic Net-
works, Devices and Fields, special issue on Modeling of high-frequency silicon tran-
sistors, vol. in press, 2014. 1

[8] A. Antonopoulos, M. Bucher, K. Papathanasiou, N. Makris, R. Sharma, P. Sakalas, and
M. Schroter, “CMOS RF noise, scaling, and compact modeling for RFIC design,” in
Radio Frequency Integrated Circuits Symposium (RFIC), 2013 IEEE, pp. 53–56, 2013.
1, 2.3.1, 4.3.4, 5.3.5

[9] R. Sharma, A. Antonopoulos, N. Mavredakis, and M. Bucher, “Analog/RF figures of
merit of advanced DG MOSFETs,” in Devices, Circuits and Systems (ICCDCS), 2012
8th International Caribbean Conference on, pp. 1–4, 2012. 4.3.4, 4.5

117



BIBLIOGRAPHY

[10] R. Sharma, A. Antonopoulos, N. Mavredakis, and M. Bucher, “Impact of design en-
gineering on RF linearity and noise performance of nanoscale DG SOI MOSFETs,”
in Ultimate Integration on Silicon (ULIS), 2013 14th International Conference on,
pp. 145–148, 2013. 1, 4.3.4, 4.5

[11] A. Antonopoulos, M. Bucher, K. Papathanasiou, N. Mavredakis, N. Makris, R. Sharma,
P. Sakalas, and M. Schroter, “CMOS small-signal and thermal noise modeling at high
frequencies,” Electron Devices, IEEE Transactions on, vol. 60, no. 11, pp. 3726–3733,
2013. 1, 5.3.5

[12] B. Razavi, RF Microelectronics. Upper Saddle River, NJ : Prentice Hall, 1998. 2.1

[13] A. Abidi, “Direct-conversion radio transceivers for digital communications,” Solid-
State Circuits, IEEE Journal of, vol. 30, no. 12, pp. 1399–1410, 1995. 2.1

[14] B. Razavi, “Design considerations for direct-conversion receivers,” Circuits and Sys-
tems II: Analog and Digital Signal Processing, IEEE Transactions on, vol. 44, no. 6,
pp. 428–435, 1997. 2.1

[15] P. Leroux and M. Steyaert, LNA-ESD Co-Design for Fully Integrated CMOS Wireless
Receivers. Springer, 2005. 2.2.1, 2.3.2

[16] D. Allstot, X. Li, and S. Shekhar, “Design considerations for CMOS low-noise am-
plifiers,” in Radio Frequency Integrated Circuits (RFIC) Symposium, 2004. Digest of
Papers. 2004 IEEE, pp. 97–100, 2004. 2.2.1, 2.3.1, 2.3.1

[17] D. Shaeffer and T. Lee, “A 1.5-v, 1.5-GHz CMOS low noise amplifier,” Solid-State
Circuits, IEEE Journal of, vol. 32, no. 5, pp. 745–759, 1997. 2.3.1, 2.3.5, 2.3.5, 2.3.5,
2.5.1

[18] G. Fatin, Z. Koozehkanani, and H. Sjoland, “A 90 nm CMOS 11 dBm IIP3 4 mW dual-
band LNA for cellular handsets,” Microwave and Wireless Components Letters, IEEE,
vol. 20, no. 9, pp. 513–515, 2010. 2.3.1, 2.3.1

[19] P. Simitsakis, Y. Papananos, and E.-S. Kytonaki, “Design of a low voltage-low power
3.1-10.6 GHz UWB RF front-end in a CMOS 65 nm technology,” Circuits and Systems
II: Express Briefs, IEEE Transactions on, vol. 57, no. 11, pp. 833–837, 2010. 2.3.1

[20] A. Axholt, W. Ahmad, and H. Sjoland, “A 90nm CMOS UWB LNA,” in NORCHIP,
2008., pp. 25–28, 2008. 2.3.1

[21] C. Jeong, W. Qu, Y. Sun, D. Yoon, S. Han, and S.-G. Lee, “A 1.5V, 140 uA CMOS
ultra-low power common-gate LNA,” in Radio Frequency Integrated Circuits Sympo-
sium (RFIC), 2011 IEEE, pp. 1–4, 2011. 2.3.1, 2.3.7

[22] A. Karanicolas, “A 2.7-V 900-MHz CMOS LNA and mixer,” Solid-State Circuits,
IEEE Journal of, vol. 31, no. 12, pp. 1939–1944, 1996. 2.3.2

[23] B. Sensale, R. Fiorelli, and F. Silveira, “Common source LNA design space explo-
ration in all inversion regions,” in Iberchip Workshop 2009 (IWS2009). Buenos Aires,
Argentina, pp. 481–485, 2009. 2.3.2

118



BIBLIOGRAPHY

[24] T. Lee, The design of CMOS radio-frequency integrated circuits. Cambridge: Cam-
bridge University Press, 2nd ed., 2004. 2.3.3, 2.3.5, 2.3.5, 5.4, 5.5.3

[25] J.-H. Zhan and S. Taylor, “A 5GHz resistive-feedback CMOS LNA for low-cost multi-
standard applications,” in Solid-State Circuits Conference, 2006. ISSCC 2006. Digest
of Technical Papers. IEEE International, pp. 721–730, 2006. 2.3.3

[26] F. Bruccoleri, E. Klumperink, and B. Nauta, “Wide-band CMOS low-noise amplifier
exploiting thermal noise canceling,” Solid-State Circuits, IEEE Journal of, vol. 39,
no. 2, pp. 275–282, 2004. 2.3.4, 2.3.4

[27] F. Bruccoleri, E. A. M. Klumperink, and B. Nauta, Wideband Low Noise Amplifiers
Exploiting Thermal Noise Cancellation. Dordrecht: Springer, 2005. 2.3.4

[28] J. M. Wu, N. K. Yang, and S. Li, “A low power WiMAX LNA with noise cancellation,”
in Communications and Networking in China, 2008. ChinaCom 2008. Third Interna-
tional Conference on, pp. 286–288, 2008. 2.3.4

[29] M.-T. Hsu, T.-Y. Chih, and G.-R. Li, “1.5V 5 GHz low noise amplifier with source
degeneration,” in Microwave Conference, 2006. APMC 2006. Asia-Pacific, pp. 405–
408, 2006. 2.3.5

[30] R. Fujimoto, K. Kojima, and S. Otaka, “A 7-GHz 1.8dB NF CMOS low noise ampli-
fier,” in Solid-State Circuits Conference, 2001. ESSCIRC 2001. Proceedings of the 27th
European, pp. 49–52, 2001.

[31] H.-W. Chiu, S.-S. Lu, and Y.-S. Lin, “A 2.17-dB NF 5-GHz-band monolithic CMOS
LNA with 10-mW DC power consumption,” Microwave Theory and Techniques, IEEE
Transactions on, vol. 53, no. 3, pp. 813–824, 2005. 2.5.1

[32] D. Gomez, M. Sroka, and J. Jimenez, “Process and temperature compensation for RF
low-noise amplifiers and mixers,” Circuits and Systems I: Regular Papers, IEEE Trans-
actions on, vol. 57, no. 6, pp. 1204–1211, 2010.

[33] F. Kalantari, N. Masoumi, and F. Saadati, “A low power 90 nm LNA with an optimized
spiral inductor model for WiMax front end,” in Circuits and Systems, 2006. MWSCAS
’06. 49th IEEE International Midwest Symposium on, vol. 1, pp. 172–176, 2006.

[34] A. Bevilacqua and A. Niknejad, “An ultrawideband CMOS low-noise amplifier for 3.1-
10.6-GHz wireless receivers,” Solid-State Circuits, IEEE Journal of, vol. 39, no. 12,
pp. 2259–2268, 2004.

[35] H.-J. Lee, D.-S. Ha, and S. Choi, “A systematic approach to CMOS low noise amplifier
design for ultrawideband applications,” in Circuits and Systems, 2005. ISCAS 2005.
IEEE International Symposium on, pp. 3962–3965 Vol. 4, 2005.

[36] S. Thijs, M. Natarajan, D. Linten, V. Vassilev, T. Daenen, A. Scholten, R. Degraeve,
P. Wambacq, and G. Groeseneken, “ESD protection for a 5.5 GHz LNA in 90 nm
RF CMOS - implementation concepts, constraints and solutions,” in Electrical Over-
stress/Electrostatic Discharge Symposium, 2004. EOS/ESD ’04., pp. 1–10, 2004.

119



BIBLIOGRAPHY

[37] C.-S. Chen, W.-S. Wuen, and K.-A. Wen, “A 2.5GHz 90nm CMOS triple gain mode
LNA for WiMAX applications,” in Signals, Systems and Electronics, 2007. ISSSE ’07.
International Symposium on, pp. 367–369, 2007.

[38] W. Jeamsaksiri, A. Mercha, J. Ramos, D. Linten, S. Thijs, S. Jenei, C. Detcheverry,
P. Wambacq, R. Velghe, and S. Decoutere, “Integration of a 90nm RF CMOS tech-
nology (200 GHz fmax - 150 GHz fT NMOS) demonstrated on a 5GHz LNA,” in
VLSI Technology, 2004. Digest of Technical Papers. 2004 Symposium on, pp. 100–101,
2004.

[39] A. Bayramnejad, D. Asemani, and S. Zokaei, “A tunable multi-band CMOS LNA for
mobile WiMAX,” in Circuit Theory and Design, 2009. ECCTD 2009. European Con-
ference on, pp. 279–282, 2009.

[40] R. Ramzan, L. Zou, and J. Dabrowski, “LNA design for on-chip RF test,” in Circuits
and Systems, 2006. ISCAS 2006. Proceedings. 2006 IEEE International Symposium on,
pp. 4 pp.–4239, 2006.

[41] H. Lee and S. Mohammadi, “A 3GHz subthreshold CMOS low noise amplifier,” in
Radio Frequency Integrated Circuits (RFIC) Symposium, 2006 IEEE, pp. 4 pp.–, 2006.
2.3.7

[42] J.-S. Goo, H.-t. Ahn, D. J. Ladwig, Z. Yu, T. H. Lee, and R. W. Dutton, Design Method-
ology for Power-Constrained Low Noise RF Circuits. 2001. 2.3.5

[43] P. Andreani and H. Sjoland, “Noise optimization of an inductively degenerated CMOS
low noise amplifier,” Circuits and Systems II: Analog and Digital Signal Processing,
IEEE Transactions on, vol. 48, no. 9, pp. 835–841, 2001. 2.3.5, 2.3.5, 2.3.5

[44] M. Tabesh and K. Aflatooni, “Design of an ultra-low power receiver for 2.4GHz appli-
cations in 90nm CMOS,” in University/Government/Industry Microelectronics Sympo-
sium, 2006 16th Biennial, pp. 241–246, 2006. 2.3.5

[45] D. Ho and S. Mirabbasi, “Design considerations for sub-mW RF CMOS low-noise
amplifiers,” in Electrical and Computer Engineering, 2007. CCECE 2007. Canadian
Conference on, pp. 376–380, 2007. 2.3.7

[46] Z. Deng and A. Niknejad, “On the noise optimization of CMOS common-source low-
noise amplifiers,” Circuits and Systems I: Regular Papers, IEEE Transactions on,
vol. 58, no. 4, pp. 654–667, 2011. 2.3.5

[47] H.-S. Kim, X. Li, and M. Ismail, “A 2.4 GHz CMOS low noise amplifier using an inter-
stage matching inductor,” in Circuits and Systems, 1999. 42nd Midwest Symposium on,
vol. 2, pp. 1040–1043 vol. 2, 1999. 2.3.5

[48] T. Yao, M. Gordon, K. K. W. Tang, K. H. K. Yau, M.-T. Yang, P. Schvan, and
S. Voinigescu, “Algorithmic design of CMOS LNAs and PAs for 60-GHz radio,” Solid-
State Circuits, IEEE Journal of, vol. 42, no. 5, pp. 1044–1057, 2007.

120



BIBLIOGRAPHY

[49] N. Li, K. Okada, T. Suzuki, T. Hirose, and A. Matsuzawa, “A three-stage 60GHz CMOS
LNA using dual noise-matching technique for 5dB NF,” in Microwave Conference,
2008. APMC 2008. Asia-Pacific, pp. 1–4, 2008.

[50] B. Heydari, P. Reynaert, E. Adabi, M. Bohsali, B. Afshar, M. A. Arbabian, and
A. Niknejad, “A 60-GHz 90-nm CMOS cascode amplifier with interstage matching,” in
Microwave Integrated Circuit Conference, 2007. EuMIC 2007. European, pp. 88–91,
2007. 2.3.5

[51] D. Cassan and J. Long, “A 1-V transformer-feedback low-noise amplifier for 5-GHz
wireless LAN in 0.18 um CMOS,” Solid-State Circuits, IEEE Journal of, vol. 38, no. 3,
pp. 427–435, 2003. 2.3.6, 2.3.6

[52] G. Vitzilaios, Y. Papananos, G. Theodoratos, and A. Vasilopoulos, “A 1-V, 5.5-GHz,
CMOS LNA with multiple magnetic feedback,” Circuits and Systems II: Express
Briefs, IEEE Transactions on, vol. 53, no. 9, pp. 971–975, 2006. 2.3.6

[53] E.-S. Kytonaki, P. Simitsakis, A. Bazigos, and Y. Papananos, “Design and implementa-
tion of a 1-V transformer magnetic feedback low-noise amplifier (LNA) at 5-6 GHz, in
a 90 nm complementary metal-oxide-semiconductor (CMOS) process,” International
Journal of Electronics, vol. 98, no. 2, pp. 235–248, 2011. 2.3.6

[54] J. Long, “Monolithic transformers for silicon RF IC design,” Solid-State Circuits, IEEE
Journal of, vol. 35, no. 9, pp. 1368–1382, 2000. 2.3.6

[55] B. Liu and J. Mao, “A low-voltage 5.4 GHZ monolithic cascode LNA using 0.18
um CMOS technology,” Microwave and Optical Technology Letters, vol. 53, no. 2,
pp. 386–389, 2011. 2.3.7

[56] T. Manku, G. Beck, and E. Shin, “A low-voltage design technique for RF integrated
circuits,” Circuits and Systems II: Analog and Digital Signal Processing, IEEE Trans-
actions on, vol. 45, no. 10, pp. 1408–1413, 1998. 2.3.7

[57] L. Chen, Z. Li, and Z. Wang, “A 0.5V CMOS LNA for 2.4-GHz WSN application,”
in Signals Systems and Electronics (ISSSE), 2010 International Symposium on, vol. 1,
pp. 1–4, 2010. 2.3.7

[58] H.-H. Hsieh, J.-H. Wang, and L.-H. Lu, “Gain-enhancement techniques for CMOS
folded cascode LNAs at low-voltage operations,” Microwave Theory and Techniques,
IEEE Transactions on, vol. 56, no. 8, pp. 1807–1816, 2008.

[59] E. Becerra-Alvarez, J. de la Rosa, and F. Sandoval, “Design of a 1-V 90-nm CMOS
folded cascode LNA for multi-standard applications,” in Circuits and Systems (MWS-
CAS), 2010 53rd IEEE International Midwest Symposium on, pp. 185–188, 2010. 2.3.7

[60] T. Taris, J. Begueret, and Y. Deval, “A 60 uW LNA for 2.4 GHz wireless sensors net-
work applications,” in Radio Frequency Integrated Circuits Symposium (RFIC), 2011
IEEE, pp. 1–4, 2011. 2.3.7, 4.3.3

121



BIBLIOGRAPHY

[61] T. Taris, H. Kraimia, J. Begueret, and Y. Deval, “Micro-watt building blocks for
biomedical RF tranceivers,” in Engineering in Medicine and Biology Society,EMBC,
2011 Annual International Conference of the IEEE, pp. 5851–5854, 2011.

[62] B. Perumana, S. Chakraborty, C.-H. Lee, and J. Laskar, “A fully monolithic 260- uW, 1-
GHz subthreshold low noise amplifier,” Microwave and Wireless Components Letters,
IEEE, vol. 15, no. 6, pp. 428–430, 2005.

[63] A. Do, C. C. Boon, A. Do, K.-S. Yeo, and A. Cabuk, “A subthreshold low-noise ampli-
fier optimized for ultra-low-power applications in the ISM band,” Microwave Theory
and Techniques, IEEE Transactions on, vol. 56, no. 2, pp. 286–292, 2008. 2.3.7

[64] S. Asgaran, M. Deen, and C.-H. Chen, “A 4-mW monolithic CMOS LNA at 5.7GHz
with the gate resistance used for input matching,” Microwave and Wireless Components
Letters, IEEE, vol. 16, no. 4, pp. 188–190, 2006. 2.3.7

[65] S. Asgaran, M. Deen, and C.-H. Chen, “Design of the input matching network of RF
CMOS LNAs for low-power operation,” Circuits and Systems I: Regular Papers, IEEE
Transactions on, vol. 54, no. 3, pp. 544–554, 2007. 2.3.7

[66] A. Niknejad and H. Hashemi, mm-Wave Silicon Technology 60GHz and Beyond.
Springer, 2008. 2.4, 2.4, 2.4

[67] T.-K. Nguyen, C.-H. Kim, G.-J. Ihm, M.-S. Yang, and S.-G. Lee, “CMOS low-noise
amplifier design optimization techniques,” Microwave Theory and Techniques, IEEE
Transactions on, vol. 52, no. 5, pp. 1433–1442, 2004. 2.4, 2.5.1

[68] O. Dupuis, X. Sun, G. Carchon, P. Soussan, M. Ferndahl, S. Decoutere, and
W. De Raedt, “24 GHz LNA in 90nm RF-CMOS with high-q above-IC inductors,”
in Solid-State Circuits Conference, 2005. ESSCIRC 2005. Proceedings of the 31st Eu-
ropean, pp. 89–92, 2005. 2.4, 2.5.1

[69] M. Masud, H. Zirath, M. Ferndahl, and H. Vickes, “90 nm CMOS MMIC amplifier,” in
Radio Frequency Integrated Circuits (RFIC) Symposium, 2004. Digest of Papers. 2004
IEEE, pp. 201–204, 2004. 2.4

[70] M. A. T. Sanduleanu, G. Zhang, and J. Long, “31-34GHz low noise amplifier with
on-chip microstrip lines and inter-stage matching in 90-nm baseline CMOS,” in Radio
Frequency Integrated Circuits (RFIC) Symposium, 2006 IEEE, pp. 4 pp.–, 2006. 2.4,
2.4, ??

[71] J. Hasani, M. Kamarei, and F. Ndagijimana, “Low noise amplifier design in 90nm
CMOS technology for near millimetre wave band applications,” in Millimeter-Wave
and Terahertz Technologies (MMWaTT), 2009 First Conference on, pp. 21–26, 2009.
2.4

[72] J. Hasani, M. Kamarei, and F. Ndagijimana, “New input matching technique for cas-
code LNA in 90 nm CMOS for millimeter wave applications,” in Radio-Frequency In-
tegration Technology, 2007. RFIT 007. IEEE International Workshop on, pp. 282–285,
2007. 2.4

122



BIBLIOGRAPHY

[73] F. Ellinger, “26-42 GHz SOI CMOS low noise amplifier,” Solid-State Circuits, IEEE
Journal of, vol. 39, no. 3, pp. 522–528, 2004. 2.5.1

[74] R. Ribeiro, L. Mendes, J. Vaz, M. Rosario, and J. Freire, “A 130 nm CMOS LNA for 30
GHz applications,” in EUROCON - International Conference on Computer as a Tool
(EUROCON), 2011 IEEE, pp. 1–4, 2011. 2.5.1, ??

[75] S. Rashid, S. Ali, A. Roy, and A. B. M. H. Rashid, “A 36.1 GHz single stage low
noise amplifier using 0.13 um CMOS process,” in Computer Science and Information
Engineering, 2009 WRI World Congress on, vol. 3, pp. 480–483, 2009. 2.4, 2.5.1

[76] E. Adabi, B. Heydari, M. Bohsali, and A. Niknejad, “30 GHz CMOS low noise ampli-
fier,” in Radio Frequency Integrated Circuits (RFIC) Symposium, 2007 IEEE, pp. 625–
628, 2007. 2.4, ??

[77] S.-C. Shin, M.-D. Tsai, R.-C. Liu, K.-Y. Lin, and H. Wang, “A 24-GHz 3.9-dB NF
low-noise amplifier using 0.18 um CMOS technology,” Microwave and Wireless Com-
ponents Letters, IEEE, vol. 15, no. 7, pp. 448–450, 2005. 2.4

[78] S.-H. Yen, Y.-S. Lin, and C.-C. Chen, “A Ka-band low noise amplifier using standard
0.18 um CMOS technology for Ka-bad communication system applications,” in Mi-
crowave Conference, 2006. APMC 2006. Asia-Pacific, pp. 317–319, 2006. 2.4

[79] A. Natarajan, S. Nicolson, M.-D. Tsai, and B. Floyd, “A 60GHz variable-gain LNA
in 65nm CMOS,” in Solid-State Circuits Conference, 2008. A-SSCC ’08. IEEE Asian,
pp. 117–120, 2008. 2.4

[80] S. Pellerano, Y. Palaskas, and K. Soumyanath, “A 64 GHz LNA with 15.5 dB gain and
6.5 dB NF in 90 nm CMOS,” Solid-State Circuits, IEEE Journal of, vol. 43, no. 7,
pp. 1542–1552, 2008.

[81] D. Zito, D. Pepe, B. Neri, T. Taris, J. Begueret, Y. Deval, and D. Belot, “A novel LNA
topology with transformer-based input integrated matching and its 60-GHz millimeter-
wave CMOS 65-nm design,” in Electronics, Circuits and Systems, 2007. ICECS 2007.
14th IEEE International Conference on, pp. 1340–1343, 2007.

[82] B.-J. Huang, C.-H. Wang, C.-C. Chen, M.-F. Lei, P.-C. Huang, K.-Y. Lin, and H. Wang,
“Design and analysis for a 60-GHz low-noise amplifier with RF ESD protection,” Mi-
crowave Theory and Techniques, IEEE Transactions on, vol. 57, no. 2, pp. 298–305,
2009.

[83] C. Doan, S. Emami, A. Niknejad, and R. Brodersen, “Millimeter-wave CMOS design,”
Solid-State Circuits, IEEE Journal of, vol. 40, no. 1, pp. 144–155, 2005.

[84] C.-C. Chen, H.-Y. Yang, and Y.-S. Lin, “A 21 - 27 GHz CMOS wideband LNA with
9.3 +- 1.3 dB gain and 103.9 +- 8.1 ps group-delay using standard 0.18 um CMOS
technology,” in Radio and Wireless Symposium, 2009. RWS ’09. IEEE, pp. 586–589,
2009. 2.4

123



BIBLIOGRAPHY

[85] K.-W. Yu, Y.-L. LU, D.-C. Chang, V. Liang, and M. Chang, “K-band low-noise ampli-
fiers using 0.18 um cmos technology,” Microwave and Wireless Components Letters,
IEEE, vol. 14, no. 3, pp. 106–108, 2004. ??

[86] A. Antonopoulos, N. Mavredakis, N. Makris, and M. Bucher, “System level analysis
of a direct-conversion WiMAX receiver at 5.3 GHz and corresponding mixer design,”
in Mixed Design of Integrated Circuits and Systems, 2008. MIXDES 2008. 15th Inter-
national Conference on, pp. 291–296, June 2008. 2.6

[87] T. Kolding, O. Jensen, and T. Larsen, “Ground-shielded measuring technique for
accurate on-wafer characterization of RF CMOS devices,” in Microelectronic Test
Structures, 2000. ICMTS 2000. Proceedings of the 2000 International Conference on,
pp. 246–251, 2000. 3.1

[88] T. Kolding, “Shield-based microwave on-wafer device measurements,” Microwave
Theory and Techniques, IEEE Transactions on, vol. 49, no. 6, pp. 1039–1044, 2001.
3.1

[89] P. Dautriche, “Analog design trends and challenges in 28 and 20nm CMOS technol-
ogy,” in Solid-State Device Research Conference (ESSDERC), 2011 Proceedings of the
European, pp. 1–4, 2011. 3.2.2, 4.5, 5.6

[90] A. Issaoun, Y. Z. Xiong, J. Shi, J. Brinkhoff, and F. Lin, “On the deembedding issue
of CMOS multigigahertz measurements,” Microwave Theory and Techniques, IEEE
Transactions on, vol. 55, no. 9, pp. 1813–1823, 2007. 3.2.2

[91] H. Ito and K. Masu, “A simple through-only de-embedding method for on-wafer S-
parameter measurements up to 110 GHz,” in Microwave Symposium Digest, 2008 IEEE
MTT-S International, pp. 383–386, 2008. 3.2.2

[92] F. Sischka and T. Gneiting, “RF MOS measurements,” in CMOS RF modeling, charac-
terization and applications, River Edge, NJ: World Scientific, 2002. 3.2.2

[93] T. Kolding, “A four-step method for de-embedding gigahertz on-wafer CMOS mea-
surements,” Electron Devices, IEEE Transactions on, vol. 47, no. 4, pp. 734–740, 2000.
3.2.2

[94] X. Loo, K. S. Yeo, K. W. J. Chew, L. H. K. Chan, S. Ong, M. Do, and C. Boon, “A novel
de-embedding technique for on-wafer characterization of RF CMOS,” in SoC Design
Conference (ISOCC), 2009 International, pp. 29–32, 2009. 3.2.2

[95] E. Vandamme, D. Schreurs, and C. Van Dinther, “Improved three-step de-embedding
method to accurately account for the influence of pad parasitics in silicon on-wafer RF
test-structures,” Electron Devices, IEEE Transactions on, vol. 48, no. 4, pp. 737–742,
2001. 3.2.2, 3.2.2, 3.2.2

[96] C. H. Chen and M. Deen, “RF CMOS NOISE CHARACTERIZATION AND MOD-
ELING,” in CMOS RF modeling, characterization and applications, River Edge, NJ:
World Scientific, 2002. 3.2.2, 3.2.2, 3.2.2

124



BIBLIOGRAPHY

[97] C.-H. Chen and M. Deen, “A general noise and s-parameter deembedding procedure
for on-wafer high-frequency noise measurements of MOSFETs,” Microwave Theory
and Techniques, IEEE Transactions on, vol. 49, no. 5, pp. 1004–1005, 2001.

[98] C.-H. Chen and M. Deen, “A general procedure for high-frequency noise parameter
de-embedding of MOSFETs by taking the capacitive effects of metal interconnections
into account,” in Microelectronic Test Structures, 2001. ICMTS 2001. Proceedings of
the 2001 International Conference on, pp. 109–114, 2001. 3.2.2

[99] M.-H. Cho, G.-W. Huang, Y.-H. Wang, and L.-K. Wu, “A scalable noise de-embedding
technique for on-wafer microwave device characterization,” Microwave and Wireless
Components Letters, IEEE, vol. 15, no. 10, pp. 649–651, 2005. 3.2.2

[100] M. Deen and C.-H. Chen, “The impact of noise parameter de-embedding on the high-
frequency noise modeling of MOSFETs,” in Microelectronic Test Structures, 1999.
ICMTS 1999. Proceedings of the 1999 International Conference on, pp. 34–39, 1999.
3.2.2

[101] L. Nan, Y.-Z. Xiong, K. Mouthaan, A. Issaoun, J. Shi, and B.-L. Ooi, “A thru-short
method for noise de-embedding of MOSFETs,” Microwave and Optical Technology
Letters, vol. 51, no. 5, pp. 1379–1382, 2009.

[102] R. A. Pucel, W. Struble, R. Hallgren, and U. L. Rohde, “A general noise de-embedding
procedure for packaged two-port linear active devices,” Microwave Theory and Tech-
niques, IEEE Transactions on, vol. 40, no. 11, pp. 2013–2024, 1992.

[103] Y. Xiong, A. Issaoun, L. Nan, J. Shi, and K. Mouthaan, “Simplified RF noise de-
embedding method for on-wafer CMOS FET,” Electronics Letters, vol. 43, no. 18,
pp. 1000–1001, 2007. 3.2.2

[104] M. Cho, C. Chiu, G. Huang, Y. Teng, L. H. Chang, K. Chen, and W. Chen, “A fully-
scalable de-embedding method for on-wafer S-parameter characterization of CMOS
RF/microwave devices,” in Radio Frequency integrated Circuits (RFIC) Symposium,
2005. Digest of Papers. 2005 IEEE, pp. 303–306, 2005. 3.2.2

[105] M. A. Chalkiadaki, “Microwave modeling and parameter extraction of MOSFETs,”
Master’s thesis, Technical University of Crete, Chania, 2011. 4.2, 4.3

[106] S. Yoshitomi, A. Bazigos, and M. Bucher, “EKV3 parameter extraction and character-
ization of 90nm RF-CMOS technology,” in Mixed Design of Integrated Circuits and
Systems, 2007. MIXDES ’07. 14th International Conference on, pp. 74–79, 2007. 4.2

[107] M. Yang, P. Ho, C. Lin, T. Yeh, Y. Wang, S. Voinigescu, M. Tazlauanu, Y. Chia, and
K. Young, “BSIM4 high-frequency model verification for 0.13 um RF-CMOS tech-
nology,” in Microwave Symposium Digest, 2004 IEEE MTT-S International, vol. 2,
pp. 1049–1052 Vol.2, 2004. 4.2

[108] B. Parvais, S. Hu, M. Dehan, A. Mercha, and S. Decoutere, “An accurate scalable
compact model for the substrate resistance of RF MOSFETs,” in Custom Integrated
Circuits Conference, 2007. CICC ’07. IEEE, pp. 503–506, 2007.

125



BIBLIOGRAPHY

[109] U. Mahalingam, S. Rustagi, and G. Samudra, “Direct extraction of substrate network
parameters for RF MOSFET modeling using a simple test structure,” Electron Device
Letters, IEEE, vol. 27, no. 2, pp. 130–132, 2006.

[110] B. Dormieu, P. Scheer, C. Charbuillet, S. Jan, and F. Danneville, “4-port isolated MOS
modeling and extraction for mmW applications,” in Solid-State Device Research Con-
ference (ESSDERC), 2012 Proceedings of the European, pp. 54–57, 2012.

[111] E. Bouhana, P. Scheer, S. Boret, D. Gloria, G. Dambrine, M. Minondo, and H. Jaouen,
“Analysis and modeling of substrate impedance network in RF CMOS,” in Microelec-
tronic Test Structures, 2006. ICMTS 2006. IEEE International Conference on, pp. 65–
70, 2006.

[112] N. Srirattana, D. Heo, H. Park, A. Raghavan, P. Allen, and J. Laskar, “A new analytical
scalable substrate network model for RF MOSFETs,” in Microwave Symposium Digest,
2004 IEEE MTT-S International, vol. 2, pp. 699–702 Vol.2, 2004.

[113] M.-A. Chalkiadaki and C. Enz, “Low-power RF modeling of a 40nm CMOS technol-
ogy using BSIM6,” in Mixed Design of Integrated Circuits and Systems (MIXDES),
2013 Proceedings of the 20th International Conference, pp. 57–62, 2013. 4.3.3, 4.6

[114] B. Dormieu, C. Charbuillet, F. Danneville, N. Kauffmann, and P. Scheer, “Millimeter-
wave modeling of isolated MOS substrate network through gate-bulk measurements,”
in Radio Frequency Integrated Circuits Symposium (RFIC), 2011 IEEE, pp. 1–4, 2011.
4.2

[115] A. Bazigos, M. Bucher, P. Sakalas, M. Schroter, and W. Kraus, “High-frequency scal-
able compact modelling of si RF-CMOS technology,” physica status solidi (c), vol. 5,
no. 12, pp. 3681–3685, 2008. 4.3.2, 4.5

[116] M. Bucher, A. Bazigos, S. Yoshitomi, and N. Itoh, “A scalable advanced RF IC design-
oriented MOSFET model,” International Journal of RF and Microwave Computer-
Aided Engineering, vol. 18, no. 4, pp. 314–325, 2008. 4.3.2, 4.5

[117] A. Shameli and P. Heydari, “Ultra-low power RFIC design using moderately inverted
MOSFETs: an analytical/experimental study,” in Radio Frequency Integrated Circuits
(RFIC) Symposium, 2006 IEEE, pp. 470–473, 2006. 4.3.3, 4.6

[118] T. Taris, H. Kraimia, J. Begueret, and Y. Deval, “MOSFET modeling for ultra low-
power RF design,” 2011. 4.3.3

[119] A. Mangla, M.-A. Chalkiadaki, F. Fadhuile, T. Taris, Y. Deval, and C. C. Enz, “Design
methodology for ultra low-power analog circuits using next generation BSIM6 MOS-
FET compact model,” Microelectronics Journal, vol. 44, no. 7, pp. 570 – 575, 2013.
4.3.3, 4.6

[120] A. Mangla, C. Enz, and J. M. Sallese, “Figure-of-merit for optimizing the current-
efficiency of low-power RF circuits,” in Mixed Design of Integrated Circuits and Sys-
tems (MIXDES), 2011 Proceedings of the 18th International Conference, pp. 85–89,
2011. 4.3.3

126



BIBLIOGRAPHY

[121] I. Song, J. Jeon, H.-S. Jhon, J. Kim, B.-G. Park, J.-D. Lee, and H. Shin, “A simple fig-
ure of merit of RF MOSFET for low-noise amplifier design,” Electron Device Letters,
IEEE, vol. 29, no. 12, pp. 1380–1382, 2008. 4.3.3

[122] T. Soorapanth and T. Lee, “RF linearity of short-channel MOSFETs,” in In Proceed-
ings of First International Workshop on Design of Mixed-Mode Integrated Circuits and
Applications, pp. 81–84, 1997. 4.4

[123] R. van Langevelde, L. Tiemeijer, R. Havens, M. Knitel, R. Ores, P. Woerlee, and
D. Klaassen, “RF-distortion in deep-submicron CMOS technologies,” in Electron De-
vices Meeting, 2000. IEDM ’00. Technical Digest. International, pp. 807–810, 2000.
4.4, 4.5.4

[124] I. Kwon and K. Lee, “An accurate behavioral model for RF MOSFET linearity analy-
sis,” Microwave and Wireless Components Letters, IEEE, vol. 17, no. 12, pp. 897–899,
2007. 4.4, 4.5.4

[125] W. Ma and S. Kaya, “Impact of device physics on DG and SOI MOSFET linearity,”
Solid-State Electronics, vol. 48, no. 10-11, pp. 1741 – 1746, 2004. 4.4

[126] A. Adan, T. Yoshimasu, S. Shitara, N. Tanba, and M. Fukurni, “Linearity and low-
noise performance of SOI MOSFETs for RF applications,” Electron Devices, IEEE
Transactions on, vol. 49, no. 5, pp. 881–888, 2002. 4.4

[127] C.-H. Choi, Z. Yu, and R. Dutton, “Impact of poly-gate depletion on MOS RF linearity,”
Electron Device Letters, IEEE, vol. 24, no. 5, pp. 330–332, 2003.

[128] S. Kang, B. Choi, and B. Kim, “Linearity analysis of CMOS for RF application,” in
Microwave Symposium Digest, 2002 IEEE MTT-S International, vol. 1, pp. 279–283
vol.1, 2002.

[129] S. Kaya and W. Ma, “Optimization of RF linearity in DG-MOSFETs,” Electron Device
Letters, IEEE, vol. 25, no. 5, pp. 308–310, 2004.

[130] R. van Langevelde and F. Klaassen, “Effect of gate-field dependent mobility degra-
dation on distortion analysis in MOSFETs,” Electron Devices, IEEE Transactions on,
vol. 44, no. 11, pp. 2044–2052, 1997.

[131] M. Bucher, A. Bazigos, N. Nastos, Y. Papananos, F. Krummenacher, and S. Yoshitomi,
“Analysis of harmonic distortion in deep submicron CMOS,” in Electronics, Circuits
and Systems, 2004. ICECS 2004. Proceedings of the 2004 11th IEEE International
Conference on, pp. 395–398, 2004. 4.4

[132] P. H. Woerlee, M. Knitel, R. van Langevelde, D. Klaassen, L. Tiemeijer, A. Scholten,
and A. Zegers-van Duijnhoven, “RF-CMOS performance trends,” Electron Devices,
IEEE Transactions on, vol. 48, no. 8, pp. 1776–1782, 2001. 4.4

[133] G. Pailloncy, C. Raynaud, M. Vanmackelberg, F. Danneville, S. Lepilliet, J. P. Raskin,
and G. Dambrine, “Impact of downscaling on high-frequency noise performance of
bulk and SOI MOSFETs,” Electron Devices, IEEE Transactions on, vol. 51, no. 10,
pp. 1605–1612, 2004. 4.5, 5.5.4

127



BIBLIOGRAPHY

[134] H. Li, B. Jagannathan, J. Wang, T.-C. Su, S. Sweeney, J. Pekarik, Y. Shi, D. Greenberg,
Z. Jin, R. Groves, L. Wagner, and S. Csutak, “Technology scaling and device design for
350 GHz RF performance in a 45nm bulk CMOS process,” in VLSI Technology, 2007
IEEE Symposium on, pp. 56–57, 2007. 4.5

[135] “The international technology roadmap for semiconductors,” 2011. 4.5

[136] I. Kwon, M. Je, K. Lee, and H. Shin, “A simple and analytical parameter-extraction
method of a microwave MOSFET,” Microwave Theory and Techniques, IEEE Transac-
tions on, vol. 50, no. 6, pp. 1503–1509, 2002. 4.5.1

[137] K. Lee, I. Nam, I. Kwon, J. Gil, K. Han, S. Park, and B.-I. Seo, “The impact of semicon-
ductor technology scaling on CMOS RF and digital circuits for wireless application,”
Electron Devices, IEEE Transactions on, vol. 52, no. 7, pp. 1415–1422, 2005. 4.5.4

[138] B. Razavi, Design of analog CMOS integrated circuits. Boston, MA: McGraw-Hill,
2001. 5.1

[139] B. Razavi, RF Microelectronics. Upper Saddle River: Pearson Education International,
2nd ed., 2012. 5.1, 5.1, 5.3

[140] V. d. Ziel, Noise in solid state devices and circuits. New York: Wiley, 1986. 5.1, ??,
5.3.2, 5.3.5

[141] A. van der Ziel, “Thermal noise in field-effect transistors,” Proceedings of the IRE,
vol. 50, no. 8, pp. 1808–1812, 1962. 5.2, 5.3.2

[142] A. Jordan and N. A. Jordan, “Theory of noise in metal oxide semiconductor devices,”
Electron Devices, IEEE Transactions on, vol. 12, no. 3, pp. 148–156, 1965. 5.2

[143] A. van der Ziel, “Gate noise in field effect transistors at moderately high frequencies,”
Proceedings of the IEEE, vol. 51, no. 3, pp. 461–467, 1963. 5.2, 5.3.2, 5.5.4

[144] M. Shoji, “Analysis of high-frequency thermal noise of enhancement mode MOS field-
effect transistors,” Electron Devices, IEEE Transactions on, vol. 13, no. 6, pp. 520–524,
1966. 5.2

[145] A. Roy, C. Enz, and J. M. Sallese, “Noise modeling methodologies in the presence of
mobility degradation and their equivalence,” Electron Devices, IEEE Transactions on,
vol. 53, no. 2, pp. 348–355, 2006. 5.2

[146] A. Abidi, “High-frequency noise measurements on FET’s with small dimensions,”
Electron Devices, IEEE Transactions on, vol. 33, no. 11, pp. 1801–1805, 1986. 5.2

[147] R. Jindal, “Hot-electron effects on channel thermal noise in fine-line NMOS field-effect
transistors,” Electron Devices, IEEE Transactions on, vol. 33, no. 9, pp. 1395–1397,
1986. 5.2

[148] R. Jindal, “High frequency noise in fine line NMOS field effect transistors,” in Electron
Devices Meeting, 1985 International, vol. 31, pp. 68–71, 1985. 5.2, 5.5.3

128



BIBLIOGRAPHY

[149] F. Klaassen, “On the influence of hot carrier effects on the thermal noise of field-effect
transistors,” Electron Devices, IEEE Transactions on, vol. 17, no. 10, pp. 858–862,
1970. 5.2, ??, 5.3.2

[150] G. Knoblinger, P. Klein, and M. Tiebout, “A new model for thermal channel noise
of deep-submicron MOSFETs and its application in RF-CMOS design,” Solid-State
Circuits, IEEE Journal of, vol. 36, no. 5, pp. 831–837, 2001. 5.2

[151] J. Jeon, J. D. Lee, B.-G. Park, and H. Shin, “An analytical channel thermal noise model
for deep-submicron MOSFETs with short channel effects,” Solid-State Electronics,
vol. 51, no. 7, pp. 1034 – 1038, 2007. 5.2

[152] C.-H. Chen and M. Deen, “Channel noise modeling of deep submicron MOSFETs,”
Electron Devices, IEEE Transactions on, vol. 49, no. 8, pp. 1484–1487, 2002. 5.2, ??,
5.3.2, 5.5.2

[153] S. Choudhary and S. Qureshi, “Input noise modeling of deep submicron MOSFETs,” in
Microwave and Optoelectronics Conference, 2007. IMOC 2007. SBMO/IEEE MTT-S
International, pp. 175–179, 2007.

[154] S. N. Ong, K. S. Yeo, K. W. J. Chew, L. H. K. Chan, X. S. Loo, C. C. Boon, and
M. A. Do, “Impact of velocity saturation and hot carrier effects on channel thermal
noise model of deep sub-micron MOSFETs,” Solid-State Electronics, vol. 72, pp. 8 –
11, 2012.

[155] S. N. Ong, K. S. Yeo, K. W. J. Chew, L. H. K. Chan, X. S. Loo, C. C. Boon, and M. A.
Do, “A new field dependent mobility model for high frequency channel thermal noise
of deep submicron RFCMOS,” Solid-State Electronics, vol. 68, pp. 32 – 37, 2012. 5.2

[156] D. Triantis, A. Birbas, and D. Kondis, “Thermal noise modeling for short-channel
MOSFETs,” Electron Devices, IEEE Transactions on, vol. 43, no. 11, pp. 1950–1955,
1996. 5.2

[157] D. Triantis and A. Birbas, “Optimal current for minimum thermal noise operation of
submicrometer MOS transistors,” Electron Devices, IEEE Transactions on, vol. 44,
no. 11, pp. 1990–1995, 1997. 5.2

[158] P. Klein, “An analytical thermal noise model of deep submicron MOSFET’s,” Electron
Device Letters, IEEE, vol. 20, no. 8, pp. 399–401, 1999. 5.2, ??

[159] C. H. Park and Y. J. Park, “Modeling of thermal noise in short-channel MOSFETs at
saturation,” Solid-State Electronics, vol. 44, no. 11, pp. 2053 – 2057, 2000. 5.2

[160] A. Roy and C. Enz, “Compact modeling of thermal noise in the MOS transistor,” Elec-
tron Devices, IEEE Transactions on, vol. 52, no. 4, pp. 611–614, 2005. 5.2, 5.3.3,
5.6

[161] A. Scholten, H. J. Tromp, L. Tiemeijer, R. van Langevelde, R. Havens, P. De Vreede,
R. F. M. Roes, P. Woerlee, A. Montree, and D. B. M. Klaassen, “Accurate thermal
noise model for deep-submicron CMOS,” in Electron Devices Meeting, 1999. IEDM
’99. Technical Digest. International, pp. 155–158, 1999. 5.2, ??, 5.6

129



BIBLIOGRAPHY

[162] A. Scholten, L. Tiemeijer, R. van Langevelde, R. Havens, V. Venezia, A. Zegers-van
Duijnhoven, B. Neinhus, C. Jungemann, and D. Klaassen, “Compact modeling of drain
and gate current noise for RF CMOS,” in Electron Devices Meeting, 2002. IEDM ’02.
International, pp. 129–132, 2002.

[163] C.-H. Chen, F. Li, and Y. Cheng, “MOSFET drain and induced-gate noise modeling
and experimental verification for RF IC design,” in Microelectronic Test Structures,
2004. Proceedings. ICMTS ’04. The International Conference on, pp. 51–56, 2004.
5.2, 5.3.2.2, 5.6

[164] K. Han, H. Shin, and K. Lee, “Analytical drain thermal noise current model valid for
deep submicron MOSFETs,” Electron Devices, IEEE Transactions on, vol. 51, no. 2,
pp. 261–269, 2004. 5.2, 5.5.3

[165] A. Cappy, “Noise modeling and measurement techniques [HEMTs],” Microwave The-
ory and Techniques, IEEE Transactions on, vol. 36, no. 1, pp. 1–10, 1988. 5.2

[166] E. Sackinger, “On the excess noise factor of a FET driven by a capacitive source,”
Circuits and Systems I: Regular Papers, IEEE Transactions on, vol. 58, no. 9, pp. 2118–
2126, 2011. 5.3.5

[167] S.-C. Wang, P. Su, K.-M. Chen, B.-Y. Chen, G.-W. Huang, C.-C. Hung, S.-Y. Huang,
C.-W. Fan, C.-Y. Tzeng, and S. Chou, “Investigation of high-frequency noise character-
istics in tensile-strained nMOSFETs,” Electron Devices, IEEE Transactions on, vol. 58,
no. 3, pp. 895–900, 2011. 5.2

[168] F. Klaassen, “High-frequency noise of the junction field-effect transistor,” Electron De-
vices, IEEE Transactions on, vol. 14, no. 7, pp. 368–373, 1967. 5.2, 5.3.2

[169] J.-H. Tsai, “Design of 40-108-GHz low-power and high-speed CMOS up-/Down-
Conversion ring mixers for multistandard MMW radio applications,” Microwave The-
ory and Techniques, IEEE Transactions on, vol. 60, no. 3, pp. 670–678, 2012. 5.2

[170] A.-S. Porret and C. Enz, “Non-quasi-static (NQS) thermal noise modelling of the MOS
transistor,” Circuits, Devices and Systems, IEE Proceedings -, vol. 151, no. 2, pp. 155–
166, 2004. 5.2, 5.3

[171] X. Jin, J.-J. Ou, C.-H. Chen, W. Liu, M. Deen, P. Gray, and C. Hu, “An effective gate
resistance model for CMOS RF and noise modeling,” in Electron Devices Meeting,
1998. IEDM ’98. Technical Digest., International, pp. 961–964, 1998. 5.2

[172] A. Scholten, L. Tiemeijer, R. van Langevelde, R. Havens, A. Zegers-van Duijnhoven,
and V. Venezia, “Noise modeling for RF CMOS circuit simulation,” Electron Devices,
IEEE Transactions on, vol. 50, no. 3, pp. 618–632, 2003. 5.3.4, 5.5.2, 5.5.2, 5.5.3,
5.5.4

[173] G. D. J. Smit, A. Scholten, R. M. T. Pijper, R. van Langevelde, L. Tiemeijer, and
D. B. M. Klaassen, “Experimental demonstration and modeling of excess RF noise
in sub-100-nm CMOS technologies,” Electron Device Letters, IEEE, vol. 31, no. 8,
pp. 884–886, 2010. 5.2, 5.5.3

130



BIBLIOGRAPHY

[174] H. Haus, W. R. Atkinson, G. M. Branch, W. Davenport, W. H. Fonger, W. A. Harris,
S. W. Harrison, W. McLeod, E. K. Stodola, and T. E. Talpey, “Representation of noise
in linear twoports,” Proceedings of the IRE, vol. 48, no. 1, pp. 69–74, 1960. 5.2, 5.4.2

[175] J. Lange, “Noise characterization of linear twoports in terms of invariant parameters,”
Solid-State Circuits, IEEE Journal of, vol. 2, no. 2, pp. 37–40, 1967. 5.2, 5.4.2

[176] M. Emam, P. Sakalas, D. Vanhoenacker-Janvier, J.-P. Raskin, T. C. Lim, and F. Dan-
neville, “Thermal noise in MOSFETs: a two- or a three-parameter noise model?,” Elec-
tron Devices, IEEE Transactions on, vol. 57, no. 5, pp. 1188–1191, 2010. 5.2

[177] L. Belostotski, “On the number of noise parameters for analyses of circuits with MOS-
FETs,” Microwave Theory and Techniques, IEEE Transactions on, vol. 59, no. 4,
pp. 877–881, 2011. 5.2, 5.4.2

[178] R. van Langevelde, J. Paasschens, A. Scholten, R. Havens, L. Tiemeijer, and D. B. M.
Klaassen, “New compact model for induced gate current noise [MOSFET],” in Electron
Devices Meeting, 2003. IEDM ’03 Technical Digest. IEEE International, pp. 36.2.1–
36.2.4, 2003. 5.2

[179] C. C. Enz and A. S. Roy, “A comprehensive study of thermal noise in the MOS tran-
sistor,” in Symposium on Fluctuations and Noise - Noise in Devices and Circuits,
vol. 5470, pp. 84–95, SPIE, 2004.

[180] C. Enz, “A short story of the EKV MOS transistor model,” Solid-State Circuits Society
Newsletter, IEEE, vol. 13, no. 3, pp. 24–30, 2008.

[181] J.-S. Goo, W. Liu, C.-H. Choi, K. Green, Z. Yu, T. Lee, and R. Dutton, “The equiva-
lence of Van der Ziel and BSIM4 models in modeling the induced gate noise of MOS-
FETs,” in Electron Devices Meeting, 2000. IEDM ’00. Technical Digest. International,
pp. 811–814, 2000.

[182] Y. Chauhan, S. Venugopalan, M. A. Chalkiadaki, M. Karim, H. Agarwal, S. Khandel-
wal, N. Paydavosi, J. Duarte, C. C. Enz, A. Niknejad, and C. Hu, “BSIM6: analog
and RF compact model for bulk MOSFET,” Electron Devices, IEEE Transactions on,
vol. PP, no. 99, 2013. 5.2

[183] G. D. J. Smit, A. Scholten, R. M. T. Pijper, L. Tiemeijer, V. D. Toorn, and D. Klaassen,
“RF-Noise modeling in advanced CMOS technologies,” Electron Devices, IEEE Trans-
actions on, vol. PP, no. 99, 2013. 5.2, 5.5.3, 5.6

[184] Y. Tsividis, Operation and Modeling of the MOS Transistor. New York: Oxford Uni-
versity Press, 2nd ed., 1999. ??

[185] A.-S. Porret and C. C. Enz, “Non-quasi-static (NQS) thermal noise modeling of the
MOS transistor,” in Symposium on Fluctuations and Noise - Noise in Devices and Cir-
cuits, pp. 78–92, SPIE, 2003. 5.3

[186] A. Deshpande and R. P. Jindal, “Modeling non-quasi-static effects in channel thermal
noise and induced-gate noise in {mos} field-effect transistors,” Solid-State Electronics,
vol. 52, no. 5, pp. 771 – 774, 2008.

131



BIBLIOGRAPHY

[187] L.-J. Pu and Y. Tsividis, “Small-signal parameters and thermal noise of the four-
terminal MOSFET in non-quasistatic operation,” Solid-State Electronics, vol. 33, no. 5,
pp. 513 – 521, 1990.

[188] A. Roy, J. Sallese, and C. Enz, “Compact modeling of anomalous high frequency be-
havior of MOSFET’s small-signal NQS parameters in presence of velocity saturation,”
in Solid-State Device Research Conference, 2005. ESSDERC 2005. Proceedings of 35th
European, pp. 141–144, 2005. 5.3

[189] J.-M. Sallese, M. Bucher, F. Krummenacher, and P. Fazan, “Inversion charge lineariza-
tion in MOSFET modeling and rigorous derivation of the EKV compact model,” Solid-
State Electronics, vol. 47, no. 4, pp. 677 – 683, 2003. 5.3.1, 5.3.2.1

[190] A. Bazigos, M. Bucher, F. Krummenacher, J. Sallese, A. S. Roy, and C. Enz, “EKV3
MOSFET compact model documentation, model version 301.02,” 2008. 5.3.1, 5.3.1,
5.3.2.1, 5.5.2, 5.5.4

[191] A. van der Ziel, “Thermal noise in the hot electron regime in FET’s,” Electron Devices,
IEEE Transactions on, vol. 18, no. 10, pp. 977–977, 1971. 5.3.2

[192] F. Klaassen and J. Prins, “Noise of field-effect transistors at very high frequencies,”
Electron Devices, IEEE Transactions on, vol. 16, no. 11, pp. 952–957, 1969. 5.3.2

[193] F. Klaassen, “Comments on hot carrier noise in field-effect transistors,” Electron De-
vices, IEEE Transactions on, vol. 18, no. 1, pp. 74–75, 1971.

[194] J. Paasschens, A. Scholten, and R. van Langevelde, “Generalizations of the Klaassen-
Prins equation for calculating the noise of semiconductor devices,” Electron Devices,
IEEE Transactions on, vol. 52, no. 11, pp. 2463–2472, 2005. 5.3.2

[195] M. Deen and C.-H. Chen, “RF CMOS characterization and modeling,” in CMOS RF
modeling, characterization and applications, River Edge, NJ: World Scientific, 2002.
5.3.2.2

[196] M. Deen, C.-H. Chen, and Y. Cheng, “MOSFET modeling for low noise, RF circuit
design,” in Custom Integrated Circuits Conference, 2002. Proceedings of the IEEE
2002, pp. 201–208, 2002. 5.3.2.2, 5.5.3, 5.6

[197] A. S. Roy and C. C. Enz, “An analytical thermal noise model of the MOS transistor
valid in all modes of operation,” in Proc. of the Int. Conf. on Noise and Fluctuations
(ICNF), pp. 741–744, 2005. 5.3.3

[198] R. Jindal, “Noise associated with distributed resistance of MOSFET gate structures in
integrated circuits,” Electron Devices, IEEE Transactions on, vol. 31, no. 10, pp. 1505–
1509, 1984. 5.3.4

[199] P. L. D. Abrie, “Characterization and analysis of active circuits at RF and microwave
frequencies,” in Design of RF and Microwave Amplifiers and Oscillators, Boston:
Artech House, 2nd ed., 2009. 5.4.1

132



BIBLIOGRAPHY

[200] M. Pospieszalski, “Interpreting transistor noise,” Microwave Magazine, IEEE, vol. 11,
no. 6, pp. 61–69, 2010. 5.4.1

[201] D. Binkley, “Tradeoffs and optimization in analog CMOS design,” in Mixed Design
of Integrated Circuits and Systems, 2007. MIXDES ’07. 14th International Conference
on, pp. 47–60, 2007. 5.5.1

[202] M. Deen, “Noise issues and modeling in silicon-based devices,” June 2012. 5.5.2

[203] D. Yang, Y. Ding, and S. Huang, “A 65-nm high-frequency low-noise CMOS-Based RF
SoC technology,” Electron Devices, IEEE Transactions on, vol. 57, no. 1, pp. 328–335,
2010. 5.5.2, 5.6

[204] A. Tong, W. M. Lim, K.-S. Yeo, C. B. Sia, and W. C. Zhou, “A scalable RFCMOS
noise model,” Microwave Theory and Techniques, IEEE Transactions on, vol. 57, no. 5,
pp. 1009–1019, 2009. 5.5.2, 5.6

[205] G. Dambrine, J.-P. Raskin, F. Danneville, D. Vanhoenacker-Janvier, D. Janvier, J. Col-
inge, and A. Cappy, “High-frequency four noise parameters of silicon-on-insulator-
based technology MOSFET for the design of low-noise RF integrated circuits,” Elec-
tron Devices, IEEE Transactions on, vol. 46, no. 8, pp. 1733–1741, 1999. 5.5.3

[206] K. Han, H. Shin, and K. Lee, “Drain current thermal noise modeling for deep submicron
n- and p-channel MOSFETs,” Solid-State Electronics, vol. 48, no. 12, pp. 2255 – 2262,
2004. 5.5.3

[207] P. Patalay, R. Jindal, H. Shichijo, S. Martin, F. Hou, and D. Trombley, “High-frequency
noise measurements on MOSFETs with channel-lengths in sub-100 nm regime,” in
Electron Devices and Semiconductor Technology, 2009. IEDST ’09. 2nd International
Workshop on, pp. 1–4, 2009. 5.5.3

[208] R. Jindal, “Effect of induced gate noise at zero drain bias in field-effect transistors,”
Electron Devices, IEEE Transactions on, vol. 52, no. 3, pp. 432–434, 2005. 5.5.4

[209] A. S. Roy and C. C. Enz, “On the compact modelling of induced gate noise in the MOS
transistor,” in NSTI Nanotech - Workshop on Compact Modeling (WCM 2006), vol. 3,
pp. 757–760, 2006. 5.5.4

[210] C. H. Chen, M. Deen, Y. Cheng, and M. Matloubian, “High frequency noise in MOS-
FETs,” in IEEE ICNF, pp. 181–184, Aug. 2001. 5.5.4

[211] C. Enz and Y. Cheng, “MOS transistor modeling for RF IC design,” Solid-State Cir-
cuits, IEEE Journal of, vol. 35, no. 2, pp. 186–201, 2000. 5.5.4

[212] S.-C. Wang, P. Su, K.-M. Chen, K.-H. Liao, B.-Y. Chen, S.-Y. Huang, C.-C. Hung, and
G.-W. Huang, “Comprehensive noise characterization and modeling for 65-nm MOS-
FETs for millimeter-wave applications,” Microwave Theory and Techniques, IEEE
Transactions on, vol. 58, no. 4, pp. 740–746, 2010. 5.6

133



BIBLIOGRAPHY

[213] J.-S. Goo, C.-H. Choi, F. Danneville, E. Morifuji, H. Momose, Z. Yu, H. Iwai, T. Lee,
and R. Dutton, “An accurate and efficient high frequency noise simulation technique for
deep submicron MOSFETs,” Electron Devices, IEEE Transactions on, vol. 47, no. 12,
pp. 2410–2419, 2000.

[214] M. Emam, P. Sakalas, D. Vanhoenacker-Janvier, J.-P. Raskin, T. C. Lim, and F. Dan-
neville, “Experimental investigation of RF noise performance improvement in graded-
channel MOSFETs,” Electron Devices, IEEE Transactions on, vol. 56, no. 7, pp. 1516–
1522, 2009.

[215] L. Poulain, N. Waldhoff, D. Gloria, F. Danneville, and G. Dambrine, “Small signal
and HF noise performance of 45 nm CMOS technology in mmW range,” in Radio
Frequency Integrated Circuits Symposium (RFIC), 2011 IEEE, pp. 1–4, 2011. 5.6

[216] J.-C. Guo and Y. M. Lin, “A compact RF CMOS modeling for accurate high-frequency
noise simulation in sub-100-nm MOSFETs,” Computer-Aided Design of Integrated
Circuits and Systems, IEEE Transactions on, vol. 27, no. 9, pp. 1684–1688, 2008.
5.6

[217] Y. Kiyota, C. H. Chen, T. Kubodera, A. Nakamura, K. Takeshita, and M. Deen, “A new
approach of high frequency noise modeling for 70-nm NMOS transistors by accurate
noise source extraction,” in Radio Frequency Integrated Circuits (RFIC) Symposium,
2007 IEEE, pp. 635–638, 2007.

[218] V. Mahajan, P. Patalay, R. Jindal, H. Shichijo, S. Martin, F. Hou, C. Machala, and
D. Trombley, “A physical understanding of RF noise in bulk nMOSFETs with channel
lengths in the nanometer regime,” Electron Devices, IEEE Transactions on, vol. 59,
no. 1, pp. 197–205, 2012. 5.6

[219] J. Shi, Y. Z. Xiong, K. Kang, L. Nan, and F. Lin, “RF noise of 65-nm MOSFETs in
the weak-to-moderate-inversion region,” Electron Device Letters, IEEE, vol. 30, no. 2,
pp. 185–188, 2009. 5.6

[220] S. Asgaran, M. Deen, C.-H. Chen, G. Rezvani, Y. Kamali, and Y. Kiyota, “Analytical
determination of MOSFET’s high-frequency noise parameters from NF measurements
and its application in RFIC design,” Solid-State Circuits, IEEE Journal of, vol. 42,
no. 5, pp. 1034–1043, 2007. 5.6

[221] P. Sakalas, H. Zirath, A. Litwin, M. Schroter, and A. Matulionis, “Impact of pad and
gate parasitics on small-signal and noise modeling of 0.35 um gate length MOS tran-
sistors,” Electron Devices, IEEE Transactions on, vol. 49, no. 5, pp. 871–880, 2002.

[222] P. Sakalas, A. Litwin, H. Zirath, and M. Schroter, “Microwave noise modeling of the
0.18um gate length MOSFETs with a 60GHz cut-off frequency,” in Solid-State Device
Research Conference, 2002. Proceeding of the 32nd European, pp. 619–622, 2002. 5.6

[223] M. Deen, C.-H. Chen, S. Asgaran, G. Rezvani, J. Tao, and Y. Kiyota, “High-frequency
noise of modern MOSFETs: compact modeling and measurement issues,” Electron
Devices, IEEE Transactions on, vol. 53, no. 9, pp. 2062–2081, 2006.

134



BIBLIOGRAPHY

[224] C.-H. Chen, M. Deen, Y. Cheng, and M. Matloubian, “Extraction of the induced gate
noise, channel noise, and their correlation in submicron MOSFETs from RF noise mea-
surements,” Electron Devices, IEEE Transactions on, vol. 48, no. 12, pp. 2884–2892,
2001.

[225] Y. Cheng, C.-H. Chen, M. Matloubian, and M. Deen, “High-frequency small signal AC
and noise modeling of MOSFETs for RF IC design,” Electron Devices, IEEE Transac-
tions on, vol. 49, no. 3, pp. 400–408, 2002.

[226] S. Kishore, G. Chang, G. Asmanis, C. Hull, and F. Stubbe, “Substrate-induced high-
frequency noise in deep sub-micron MOSFETs for RF applications,” in Custom Inte-
grated Circuits, 1999. Proceedings of the IEEE 1999, pp. 365–368, 1999.

[227] J.-C. Guo and Y.-H. Tsai, “A broadband and scalable lossy substrate model for RF
noise simulation and analysis in nanoscale MOSFETs with various pad structures,”
Microwave Theory and Techniques, IEEE Transactions on, vol. 57, no. 2, pp. 271–281,
2009.

[228] A. Birbas, D. Triantis, S. Plevridis, and E. Tsakas, “Input capacitance scaling related to
short-channel noise phenomena in MOSFET’s,” Electron Devices, IEEE Transactions
on, vol. 46, no. 6, pp. 1253–1257, 1999.

[229] J. Gao and A. Werthof, “Scalable small-signal and noise modeling for deep-
submicrometer MOSFETs,” Microwave Theory and Techniques, IEEE Transactions
on, vol. 57, no. 4, pp. 737–744, 2009.

[230] S. Guerrieri, F. Bonani, G. Ghione, and M. Alam, “A new analytical model for high
frequency MOSFET noise,” in Custom Integrated Circuits, 2001, IEEE Conference
on., pp. 389–392, 2001.

[231] J. Ou, X. Jin, C. Hu, and P. Gray, “Submicron CMOS thermal noise modeling from an
RF perspective,” in VLSI Technology, 1999. Digest of Technical Papers. 1999 Sympo-
sium on, pp. 151–152, 1999. 5.6

[232] M. Berry, C. Kienmayer, R. Thuringer, W. Simburger, and W. Menzel, “Integrated
RF front-end in 0.13 um CMOS for automotive and industrial applications beyond 20
GHz,” in Solid-State Circuits Conference, 2006. ESSCIRC 2006. Proceedings of the
32nd European, pp. 392–395, 2006. 5.6

[233] C.-H. Chen, “Thermal noise in modern CMOS technologies,” in Solid State Circuits
Technologies, InTech, 2010. 5.6

[234] M. Bucher, Analytical MOS transistor modelling for analog circuit simulation. PhD
thesis, STI, Lausanne, 2000. A.3, A.4

135





Curriculum Vitae

Angelos Antonopoulos

Date of Birth 31 May 1981

Nationality Greek

Contact Details aanton@electronics.tuc.gr
www.electronics.tuc.gr

Work Experience
2008-2014 Doctoral Assistant, ECE Dept., Technical University of Crete

2010-2014 Researcher, Telecommunications Systems Institute, Technical University of Crete

2006-2013 Teaching Assistant (Electronics II, Analog CMOS Design), ECE Dept., Technical Uni-
versity of Crete

Education
2007–2010 MSc. ECE Dept. Technical University of Crete. Thesis: “System Level Analysis of a

Direct Conversion WiMAX Receiver and Corresponding Mixer Design”

2000-2005 M. Eng. ECE Dept., Technical University of Crete. Grade: 8.02/10
Technical & Computer Skills
TECHNICAL SKILLS: RFIC Design and modeling of advanced CMOS technologies

On-wafer measurements. DC, CV and RF setup and measurements. RF
noise measurements

COMPUTER SKILLS: Experienced user of Linux distributions (Ubuntu and Suse). Cadence IC
and Spectre. ADS and ICCAP. Matlab. Dolphin Smash. Administrative
duties for Cadence and Agilent Products. Co-administrator (2006 to now)
of license server hosting licenses for Cadence and Agilent’s products

Scholarships & Distinctions

09/2011–08/2013 Heracleitus II program co-financed by the European Social Fund (ESF) and Greek
national funds, through the operational program "Education and Lifelong Learning",
within the National Strategic Reference Framework (NSRF)

2001 Scholarship for one out of three highest grades during the 1st year of studies
Language Skills
FLUENT: English

BASICS: French

MOTHER TONGUE: Greek
Personal Interests
Sports, cinema, LYX-ing

Publications
Journals
1. A. Antonopoulos, M. Bucher, K. Papathanasiou, N. Mavredakis, N. Makris, R. K. Sharma, P. Sakalas,
M. Schroter, “CMOS Small-Signal and Thermal Noise Modeling at High Frequencies”, IEEE Trans.
Electron Devices, Vol. 60, No. 11, pp. 3726-3733, November 2013.
2. A. Antonopoulos, M. Bucher, K. Papathanasiou, N. Makris, N. Mavredakis, R. K. Sharma, P. Sakalas,
M. Schroter, “Modeling of High Frequency Noise of Silicon MOS Transistors for RFIC Design”, In-
ternational Journal of Numerical Modelling: Electronic Networks, Devices and Fields, special issue on
Modeling of high-frequency silicon transistors, in press.



3. W. Grabinski, M. Brinson, P. Nenzi, F. Lannutti, N. Makris, A. Antonopoulos, M. Bucher, “Open
source circuit simulation tools for RF compact semiconductor device modelling”, International Journal
of Numerical Modelling: Electronic Networks, Devices and Fields, special issue on Modeling of high-
frequency silicon transistors, invited paper, in press.

Conferences
1. A. Antonopoulos, M. Bucher, K. Papathanasiou, N. Makris, R. K. Sharma, P. Sakalas, M. Schroter,
“CMOS RF Noise, Scaling, and Compact Modeling for RFIC Design”, IEEE Radio Frequency Integrated
Circuits Symposium (RFIC), pp. 53-56, Seattle, June 2013.
2. R.K Sharma, A. Antonopoulos, N. Mavredakis, M. Bucher, “Impact of Design Engineering on RF
Linearity and Noise Performance of Nanoscale DG SOI MOSFETs”, 14th International Conference on
Ultime Integration on Silicon (ULIS), pp. 145-148, Coventry, 2013.
3. A. Antonopoulos, K. Papathanasiou, M. Bucher, K. Papathanasiou, “CMOS LNA Design at 30 GHz –
A Case Study”, 8th International Caribbean Conference on Devices Circuits and Systems (ICCDCS), pp.
1-4, Playa Del Carmen, 2012.
4. R. K. Sharma, A. Antonopoulos, N. Mavredakis, M. Bucher, “Analog/RF Figures of Merit of Ad-
vanced DG MOSFETs”, 8th International Caribbean Conference on Devices Circuits and Systems (IC-
CDCS), pp. 1-4, Playa Del Carmen, 2012.
5. N. Mavredakis, A. Antonopoulos, M. Bucher, “Measurement and Modelling of 1/f Noise in NMOS
and PMOS Devices”, 5th European Conference on Circuits and Systems for Communications (ECCSC),
pp. 86-89, Belgrade, 2010.
6. N. Mavredakis, A. Antonopoulos, M. Bucher, “Bias Dependence of Low Frequency Noise in 90nm
CMOS”, Workshop on Compact Modeling, Micro-Nanotech, pp. 805-808, Anaheim, California, 2010.
7. K. Papathanasiou, N. Makris, A. Antonopoulos, M. Bucher, “Moderate inversion: analog and RF
benchmarking of the EKV3 compact model”, 29th International Conference on Microelectronics (MIEL),
Belgrade, May 12-14, 2014, accepted.
8. A. Antonopoulos, N. Mavredakis, N. Makris, M. Bucher, “System Level Analysis of a Direct Conver-
sion WiMAX Receiver at 5.3 GHz and Corresponding Mixer Design” 15th International Conference on
Mixed Design of Integrated Circuits and Systems, (MIXDES), pp. 291-296 Poznan, 2008 .


	Contents
	List of Figures
	List of Tables
	1 Introduction
	2 Low Noise Amplifier Design
	2.1 Receiver Architectures
	2.1.1 Noise of Cascaded Stages
	2.1.2 Nonlinearity of Cascaded Stages 

	2.2 LNA Requirements
	2.2.1 Matching 
	2.2.2 Stability and Reverse Isolation
	2.2.3 Power Gain
	2.2.4 Noise
	2.2.5 Power Dissipation

	2.3 LNA Topologies
	2.3.1 Common-Gate LNA
	2.3.2 Common-Source LNA
	2.3.3 Common-Source LNA with Resistive Feedback
	2.3.4 Common-Source LNA with Thermal Noise Cancellation
	2.3.5 Cascode CS with Inductive Degeneration
	2.3.6 Transformer-Feedback LNA
	2.3.7 Ultra Low-Voltage/Power LNAs

	2.4 mm-wave LNA Design - An Overview
	2.5 30 GHz LNA - Implementation and Results
	2.5.1 Schematic Design
	2.5.2 Layout Design
	2.5.3 Post-Layout Simulation Results
	2.5.4 Measurements

	2.6 Low-power LNA Design at 5 GHz

	3 RF Test Chip: Fabrication and Measurements
	3.1 Implementation of the RF Test Chip
	3.2 Measurements
	3.2.1 Noise Measurements
	3.2.2 S-Parameters Measurements

	3.3 De-embedding
	3.3.1 RF De-embedding
	3.3.2 Noise de-embedding


	4 Figures of Merit for RFIC Design
	4.1 High Frequency Modeling
	4.2 MOS Extrinsic Part
	4.3 Transistor Figures of Merit
	4.3.1 Transit Frequency
	4.3.2 Maximum Oscillation Frequency
	4.3.3 FoM for LNA Design 
	4.3.4 Gain Transconductance Frequency Product

	4.4 Nonlinearity
	4.5 Results and Discussion
	4.5.1 Parasitic Resistances and Overlap Capacitances
	4.5.2 Transit Frequency and Maximum Oscillation Frequency
	4.5.3 FoM for LNA Design and GTFP
	4.5.4 Third Order Intercept Points and 1 db Compression Point

	4.6 Contribution

	5 Noise in MOS Devices
	5.1 Noise as a Random Process
	5.2 Modeling of Thermal Noise in MOSTs: A Short History
	5.3 Modeling of Thermal Noise in MOSTs: The EKV3 Model
	5.3.1 Thermal Noise of Long Channel Devices
	5.3.2 Short Channel Thermal Noise
	5.3.2.1 Velocity Saturation and Carrier Heating
	5.3.2.2 Channel Length Modulation

	5.3.3 Derivation of Drain Noise Current in Short Channel Devices
	5.3.4 Contribution of Parasitic Resistances to Drain Noise Current
	5.3.5 Thermal Noise Parameters

	5.4 High Frequency Noise Parameters
	5.4.1 Noisy Two-Port Theory
	5.4.2 The Noise Factor

	5.5 Results and Discussion
	5.5.1 High Frequency Noise Parameters
	5.5.2 Power Spectral Density of Drain Noise Current
	5.5.3 Design Parameters
	5.5.4 Gate Current Noise

	5.6 Contribution

	6 Conclusions and Future Work
	A Basics of the EKV3 Model
	A.1 Charges and Potentials in MOSFET
	A.2 Static Drain Current and Inversion Coefficient
	A.3 Transconductances and Charges
	A.4 Capacitances and Charges

	Bibliography

